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Abstract

The last decade has witnessed the exponential growth in the demand for high speed
mobile data capacity, and the growth trend is expected to continue in the following
years. However, due to the limited channel bandwidth below 10 GHz, traditional
wireless communication systems can hardly satisfy the increasing demand with rea-
sonable systematic complex and power consumption. On the other hand, millimeter
wave band offers enormous bandwidth and therefore provides the opportunity to
achieve multi Gbps communication with simple modulation schemes and low power
consumption. The advancement in CMOS technology allows to significantly im-
prove the system integration and minimize the cost. However, realizing mm-wave
transceivers in CMOS technology still faces many challenges, such as low supply
voltage and high loss of passive components.

To this regard, this work focuses on the design of power amplifiers as they are
the most power hungry blocks of RF transceivers. Especially, wideband design
techniques are studied to take full advantages of the large available bandwidth at
mm-wave frequency. A design methodology for wideband and compact matching
networks of PAs has been proposed to achieve high gain over a large frequency
range, while minimizing the insertion loss. Furthermore, a novel power splitter is
introduced to suppress the potential oscillation problem in traditional non-isolated
power combining PAs. Two prototypes have been realized in advanced CMOS tech-
nologies, demonstrating state-of-the-art performances.

As second major contribution, a wideband mm-wave OOK transceiver has been re-
alized in 28 nm CMOS technology. Optimizations are performed from architecture
level down to transistor level to minimize the power consumption. The implemented
transceiver achieves error-free transmission up to 5 Gpbs over 13 cm, while consum-
ing only 130 mW, demonstrating the feasibility of realizing high speed low power
links in bulk CMOS technology.
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Chapter 1

Introduction

Along with the wide use of smart phones and tablets, the demand for wireless data
capacity has increased exponentially in the last decade [1]. This increasing data
demand poses great challenges on traditional wireless transceivers, whose work-
ing frequencies are relatively low and the bandwidths are limited by the spectrum
crunch. To achieve high data rate transmission, complex modulations are used to
improve spectrum efficiency at the cost of system complexity and power consump-
tion. To circumvent this problem, mm-wave frequency band, which has large spec-
trum bandwidth, has recently been exploited to achieve multi-gigabit speed wireless
communications with simple modulations [2, 3].

Historically, mm-wave electronics are implemented by III-V compound semiconduc-
tor techniques [4]. Nowadays complementary metal oxide semiconductor (CMOS)
circuits are also capable to operate at speed beyond 300 GHz [5], which provides
the possibility to design low cost, high efficiency and high integration transceivers.
However, due to low power gain and low transistor breakdown voltage, designing
high performance mm-wave circuits, especially power amplifiers (PAs), is still chal-
lenging in CMOS technologies [6]. The two major difficulties in designing CMOS
mm-wave transceivers are achieving large output power to extend link span and
obtaining wide bandwidth to increase data capacity.

This thesis explores the feasibility of realizing high speed low power wireless transceivers
in bulk CMOS technology. A 10 Gbps on-off keying (OOK) transceiver has been
realized to take full advantages of the enormous bandwidth available at mm-wave
frequency band. It demonstrates the capability to achieve high data rate with min-
imal system complexity and power consumption. Special attentions are given to
PA, since it is the most challenging and power hungry block of a transceiver. Two
wideband CMOS PAs have been implemented, where novel design techniques are
proposed to achieve large output power and high efficiency over a large frequency
range.
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1.1. MM-WAVE APPLICATIONS

1.1 Mm-Wave Applications

The global mm-wave market is growing rapidly in many segments and applications
with the expectation to double by 2020 in terms of market revenue [7]. New appli-
cations are being devised for this technology which will further propel the market
in the coming five to seven years. Revenue for global millimeter wave technology
market is estimated to reach $208.12 million by the end of 2014 and is expected to
grow to cross $1.9 billion in 2020 at a compound annual growth rate (CAGR) of
45% [7].

One of the major applications of mm-wave technology is wireless communication.
Thanks to the ultra wide bandwidth, mm-wave wireless links can achieve capacities
more than 10 Gbps [8], which is unlikely to be matched by any lower frequency
RF wireless technologies. In fact, the 10 GHz bandwidth available in the E-band
is more than the sum of all other licensed spectrum for wireless communication. In
addition, mm-wave casts very narrow beams, allowing for deployment of multiple
independent links in close proximity [9]. As a result, E-band, which has negligible
atmospheric attenuation, begins to be used for wireless backhaul to transfer data
over a few kilometers, as shown in Fig. 1.1.

Figure 1.1: E-band backhaul network [10]

Besides the E-band, the unlicensed 60 GHz band can also provide multi-gigabit
throughput. In contrast with E-band, 60 GHz band has significant atmospheric
attenuation (larger than 10 dB/km). This atmospheric attenuation along with the

2



CHAPTER 1. INTRODUCTION

high free-space propagation loss limits undesired propagation over long distances,
helps to minimize inter-system interference and allows the reuse of same frequency
band. Therefore, as shown in Fig. 1.2, the 60 GHz band is well-suited for indoor
applications to transfer lightly compressed or uncompressed high-definition videos,
audios and data signals.

Figure 1.2: 60 GHz band applications [11]

In additional to high speed wireless communications, mm-wave technology can also
be used in automotive radars and imaging sensors. The 77/79 GHz automotive
radars can perform adaptive cruise control, collision warning, blind-spot detection
and braking intervention, improving the comfort and safety of driving, as shown in
Fig. 1.3. Mm-wave body scanners can detect concealed weapons and are suitable
for homeland security. Furthermore, mm-wave imaging can be used for medical
diagnosis and treatment, achieving higher spatial resolution than their low frequency
counterparts.

1.2 Opportunities and Challenges of CMOS

Due to the superior performance at mm-wave frequency, III-V compound semicon-
ductor techniques, such as gallium arsenide (GaAs) and indium phosphide (InP),
are traditionally used for mm-wave transceivers [4]. As the development of silicon
technologies, silicon germanium (SiGe) technology are also starting to be used in
mature commercial products [13]. On the other hand, although CMOS technologies
may offer both low cost in volume production and RF/baseband co-integration, it
faces many challenges in mm-wave region. However, the advancement in process

3



1.2. OPPORTUNITIES AND CHALLENGES OF CMOS

Figure 1.3: Automotive radar [12]

and design techniques provide bulk CMOS technologies the potential to implement
high performance mm-wave transceivers [14, 15].

Thanks to the technology scaling, the cut-off frequency fT and the maximum os-
cillation frequency fMAX of MOS devices have reached 400 GHz and are expected
to double in the coming five years [16]. Fig. 1.4 shows the prediction of fT and
fMAX by the international technology roadmap for semiconductors (ITRS) 1. The
fT and fMAX are comparable or even higher than other technologies, making CMOS
technology a good candidate for mm-wave transceivers. In fact, low noise amplifiers
(LNAs) - the most critical building block of a RF transceiver - implemented in bulk
CMOS technologies can achieve roughly the same performance as those implemented
in SiGe and III-V technologies [6].

Figure 1.4: fT and fMAX of CMOS technologies

1The results between 2014 and 2017 are of planar bulk CMOS technology, while those from
2018 to 2020 are of multi-gate MOSFETs

4



CHAPTER 1. INTRODUCTION

On the other hand, due to the scaled dimensions, the breakdown voltage of MOS
transistors continually diminishes. In fact, the product of breakdown voltage and
fT of silicon devices is almost constant [17]. As a result, the supply voltage and
thus the power throughput capability are limited in advanced CMOS technologies.
Compared to other technologies, where larger supply voltages can be used, MOS
transistors require much larger size to achieve the same output power. The large
layout results in significant parasitics and degrades both power gain and efficiency
[18]. Moreover, the low supply voltage necessitates small load impedance for high
output power, which means large transformation ratio from the antenna impedance.
Matching networks with large impedance transformation ratio would introduce high
insertion loss and further degrade the efficiency. Fig. 1.5 shows the figure of merit
(FOM) of PAs implemented in different technologies 2. It can be seen that pure
silicon technologies, including bulk CMOS, ultrathin-body (UTB) fully depleted
(FD) devices and multi-gate (MG) MOSFETs, have very poor PA FOM. Therefore,
novel circuit topologies and design techniques are required to enhance PA perfor-
mance. For example, on-chip power combining are widely used in order to increase
the output power [19]. Non-isolated combiners and splitters are usually adopted
due to their compact dimensions and low insertion losses. However, the interaction
between different PA cells, together with the limited output-to-input isolation at
mm-wave frequency, may cause oscillation problems.

Figure 1.5: PA performance roadmap [6]

2The FOM takes into account of saturated output power and power gain. For MOS PAs, it

is defined as ION

4 min{VDD,
BVGD

2 }min{MSG,
f2
MAX

f2 }0.5f2, where ION is the on-state current,
VDD supply voltage, BVGD gate-drain breakdown voltage, MSG the maximum stable gain, f the
operating frequency.
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1.2. OPPORTUNITIES AND CHALLENGES OF CMOS

Another detrimental effect caused by technology scaling is the decreasing thickness
of individual metals and the overall stack height. This increases resistive losses and
vertical parasitic capacitances, and therefore impairs the quality factors of the on-
chip integrated inductors, transformers and capacitors. This effect is particularly
destructive for PAs, where large power are handled and any losses will degrade a lot
the achievable power and system efficiency.

In addition, as discussed in Sec. 1.1, large bandwidth are required for many mm-wave
applications. For example, to cover the entire 60 GHz band and account for process
variations, the transceiver needs to be designed with 12 GHz or even larger band-
width [20]. Traditionally, bandwidth is increased at the cost of lower gain. However,
at mm-wave frequency, the gain is rare and can hardly be traded for bandwidth.
Furthermore, cascading multi stages cannot guarantee large gain-bandwidth product
(GBW) because the gain increase is limited while the bandwidth reduction is severe.
On top of that, cascading increases significantly power consumption and therefore
degrades the efficiency. Fortunately, high-order networks are able to enhance the
bandwidth without compromising gain or efficiency, and therefore allow to achieve
high performance over large frequency range. However, due to the limited quality
factors at mm-wave frequency, the number of passive components should be small
and the layout should be compact to minimize the insertion loss.

To sum up, due to the low supply voltage, high losses of passive components, and
large required bandwidth, design mm-wave transceivers in CMOS technology faces
many challenges. Specifically, there are various trade-offs between different merits.
Fig. 1.6 shows some trade-offs in PA design. The key to realizing high performance
transceivers is to achieve a good balance among all desired merits. To accomplish
this, novel circuit architectures and design techniques are required.

Figure 1.6: Trade-offs in PA design
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CHAPTER 1. INTRODUCTION

1.3 Organization of this Thesis

To address the aforementioned challenges of mm-wave IC design in CMOS tech-
nologies, this thesis is focused on the design of novel passive networks, including
wideband matching networks and stable and efficient power combiner/splitter, to
enhance the bandwidth and output power of PAs. Two PA prototypes are im-
plemented to verify the proposed technologies. Furthermore, using the proposed
technologies, a wideband mm-wave transceiver is realized to explore the feasibil-
ity of achieving high speed low power wireless communication in advanced CMOS
technology.

Chapter 2 begins with some basic communication theories, followed by a review of
the state-of-the-art mm-wave transceivers for wireless communication. After com-
paring different transceiver architectures, a wideband OOK architecture is chosen
in this work to achieve high data rate with minimal complexity and low power con-
sumption. Finally, the link budget is calculated and specifications are chosen for
different blocks.

Chapter 3 proposes a methodology for designing wideband matching networks in
PAs. The design technique leverages inductively coupled resonators and impedance
transformations to achieve high performance over a broad frequency range. A two-
stage prototype has been implemented in ST 28 nm bulk CMOS technology. The PA
achieves 27 GHz bandwidth, 13 dBm saturated power PSAT and 16 % power-added
efficiency (PAE).

Chapter 4 discusses different approaches to increase the output power of PAs. Partic-
ular attention is given to on-chip passive power combining and splitting techniques.
A novel power splitter is proposed to suppress the oscillation problem of traditional
non-isolated power splitter. A three-stage two-path differential PA prototype has
been realized in ST 65 nm CMOS. The PA achieves 30 dB power gain, 20 dBm
PSAT and 22% peak PAE with an operation band from 58.5 GHz to 73.5 GHz.

Chapter 5 presents the implementation and characterization of a wideband OOK
transceiver in ST 28 nm CMOS LP. A modulating PA is adopted to obviate the
explicit OOK modulator. The PA can be switched off when transmitting ’0’ to
minimize power consumption. The current-reuse topology is adopted for the LNA
to further reduce the power consumption. The amplified signal is then demodulated
by a squarer based envelope detector. Wideband LA and buffer amplify the de-
modulated signal to achieve large output amplitude, and a feedback path is inserted
in the LA chain to cancel DC offset. The fabricated prototype achieves error-free
transmission up to 13 cm at 5 Gbps, while consuming only 130 mW.

A summary of the major research contributions of this work composes Chapter 6
and completes this thesis.
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Chapter 2

Millimeter Wave Transceivers for
Wireless Communication

As described in the previous chapter, to satisfy the increasing demand for wireless
data capacity, wireless transceivers are required to operate in millimeter wave band
to enhance data throughout. Furthermore, limited battery capacity of portable
devices poses stringent requirements on the power consumption. In order to meet
these goals, a wideband OOK transceiver is proposed in this chapter to achieve both
high data rate and low power consumption.

This chapter is organized as follow. Sec. 2.1 introduces some elements of communica-
tion theories, including the channel capacity and bit error rate. Sec. 2.2 reviews the
state-of-the-art mm-wave transceivers designed for wireless communication. Finally
a wide band OOK transceiver is described in Sec. 2.3, focusing on the architecture
and link budget analysis.

2.1 Data Communication Basics

One major performance merit of a wireless communication system is the data capac-
ity. In the previous chapter, we implied that large bandwidth available at mm-wave
frequency band leads to high data rate. To get quantitative understanding, we need
to refer to ShannonHartley theorem, which sets an upper bound on the clean ca-
pacity of a communication link [21]. The upper limit in terms of data rate is given
as:

C = BW log2(1 +
S

N
) (2.1)

where C is the channel capacity in bits per second bps, BW the bandwidth of the
channel in Hz, S the received signal power in watts, N the in-band noise power in
watts, S

N
the signal-to-noise ratio (SNR).
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2.1. DATA COMMUNICATION BASICS

It can be seen that the maximal data rate C of a link is proportional to the bandwidth
BW of the channel and the logarithm of the SNR. Therefore, large BW and high
SNR allow to achieve high data rate. Furthermore, for a given data rate, BW can be
used to trade with SNR. In other words, large BW can decrease the required signal
power and thus improve the power efficiency 1. This feature provides the possibility
to realize high power efficiency links at mm-wave frequency.

Another important merit of a wireless link is the bit error rate (BER), which defines
as the number of bit errors divided by the total number of transferred bits during a
studied time interval. In a noisy channel, the BER can be expressed as a function
of the normalized energy per bit to noise power spectral density ratio Eb

N0
. For

example, within an additive white Gaussian noise (AWGN) channel, the BERs of
some common modulation schemes can be calculated as [22, 23]:

BEROOK =
1

2
exp

(−Eb

2N0

)
+

1

4
erfc

(√
Eb

2N0

)

BERBPSK = BERQPSK =
1

2
erfc

(√
Eb

N0

)

BERM−QAM ≈
2

log2M

(
1− 1√

M

)
erfc

(√
3log2M

2 (M − 1)

Eb

N0

) (2.2)

where erfc denotes the complementary error function, OOK, BPSK, QPSK and
M−QAM the non-coherent on-off keying, the binary phase-shift keying, the quadra-
ture phase-shift keying, and the M array quadrature amplitude modulation, respec-
tively.

Fig. 2.1 plots the BER as a function of Eb

N0
for OOK, BPSK/QPSK, 16 − QAM

and 64−QAM modulation schemes. It can be seen that, to achieve the same BER,
BPSK/QPSK requires the minimal Eb

N0
, while 64 − QAM requires the maximal

among the four modulation schemes.

Compared to Eb

N0
, a more commonly used merit to measure the signal quality in

the presence of noise is the SNR in Eq.(2.1). The SNR is proportional to Eb

N0
with

following relationship:

SNR =
S

N
=

Ebfsk

N0BW
(2.3)

where fs is the symbol rate, k the number of bits per symbol, and BW the channel
bandwidth.

Since the channel bandwidth BW 2 is usually chosen to be roughly equal to the
symbol rate fs [23], Eq.(2.3) can be simplified to

SNR =
Ebfsk

N0BW
= k

Eb

N0

. (2.4)

1This is virtually the trade-off between spectral efficiency and power efficiency
2Note that here the BW is the baseband bandwidth, while the RF bandwidth may be different.
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Figure 2.1: BER as a function of Eb/N0

Therefore, Eq.(2.2) can be rewritten as

BEROOK =
1

2
exp

(−SNR
2

)
+

1

4
erfc

√SNR
2


BERBPSK =

1

2
erfc

(√
SNR

)
BERQPSK =

1

2
erfc

√SNR
2


BERM−QAM ≈

2

log2M

(
1− 1√

M

)
erfc

(√
3

2 (M − 1)
SNR

)
(2.5)

where k = log2M for M-QAM modulation.

Fig. 2.2 plots the BER as a function of SNR for OOK, BPSK, QPSK, 16−QAM
and 64−QAM modulation schemes. To achieve the same BER, BPSK requires the
minimal SNR, while 64 − QAM requires the maximum. In other words, with the
same receiver, higher order modulation schemes require higher transmitter power,
and non-coherent modulation, such as OOK, requires higher transmitter power than
its coherent counterpart.
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Figure 2.2: BER as a function of SNR

2.2 Review of mm-Wave Transceivers

In order to satisfy different applications, various modulation schemes and system
architectures are employed at mm-wave frequency. In this section some state-of-
the-art work will be briefly studied.

The non-coherent OOK is the simplest amplitude-shift keying. It allows to mini-
mize the system complexity and power consumption. [22] presents a 60 GHz OOK
transceiver which is capable to achieve error-free operation up to 6 cm for a data
rate of 1.5 Gbps. The adopted architecture is illustrated in Fig. 2.3. On the trans-
mitter side, the binary input data directly modulates the 60 GHz output signal of
a voltage controlled oscillator (VCO), and the output of the modulator is fed to a
PA to enlarge the output power. On the receiver side, RF signal from the on-board
antenna is amplified by a low noise amplifier (LNA) and then down-converted by a
mixer to about 10 GHz. The output of the mixer is amplified by an intermediate
frequency (IF) amplifier and then delivered to a demodulator. Note that the OOK
modulator/demodulator obviate the need for complicated interfacing digitizers and
subsequent DSPs, which may consume large amount of power at multi-gigabit data
rate. Furthermore, the non-coherent OOK Link needs no frequency alignment since
the frequency shift between two VCOs does not affect the BER of the transceiver,
which further reduces the complexity and power consumption of the system.
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Figure 2.3: An OOK transceiver [22]

Figure 2.4: An BPSK transceiver [24]
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2.2. REVIEW OF MM-WAVE TRANSCEIVERS

As the simplest form of phase-shift keying (PSK), BPSK has the same spectral
efficiency as OOK, but it is more robust to noises and interferences, which can be
seen from Fig. 2.2. The robustness stems from the precise phase alignment, which
necessitates the use of phase-locked loop (PLL) and increases the complexity of the
transceiver. [24] describes a 60 GHz BPSK transceiver with data rates exceeding
6 Gbps. Fig. 2.4 shows the simplified architecture, where the PLL is omitted from
the schematic for simplicity. Compared with the transmitter in Fig. 2.3, here the
modulation is directly performed on the PA. In other words, the modulator also
serves as a PA. This can ease the requirement for the linearity and bandwidth of
the PA, and therefore improve power efficiency. On the other hand, the modulator
cannot output large power. For example, the transmitter output power in [24] is
only 2.4 dBm, which is too small for many applications.

Compared with OOK and BPSK, more spectral efficient modulation schemes, such
as QPSK, 8-PSK, 16-QAM and 64-QAM, can be employed to increase the data
rate using the same bandwidth [2, 27, 28, 29]. Most mm-wave transceivers used to
implement theses modulations can be categorized into heterodyne architecture and
direct-conversion architecture. Two typical examples are illustrated in Fig. 2.5. Both
architectures are made up of four major sub-systems in the front-end: RF amplifiers
(i.e. LNA and PA), modulation and frequency conversion, frequency generation,
and analog baseband. The direct-conversion architecture has been commonly used
especially for less than 5 GHz because of fewer components and no need for SAW-
filter, which is advantageous in terms of layout area and power consumption [26].
However, at mm-wave frequency, it is challenging to implement direct-conversion
architecture due to the trade-off between the frequency tuning range and phase
noise in the frequency synthesizer. Furthermore, leakage from the PA may drag the
VCO oscillation frequency and degrade phase noise [23].

As can be seen from Fig. 2.5, the traditional transceiver architectures for spectral
efficient modulations are generally very complex and need to consume large power.
As a result, they are not suitable for portable devices, where the power consumption
is a key concern. To improve the power efficiency, [30, 31] propose a novel transceiver
which is shown in Fig. 2.6 3. On the transmitter side, a fast start-up oscillator
directly generates a QPSK-modulated RF signal, and therefore eliminates the need
for power-hungry local oscillator (LO) buffer and mixer. On the receiver side, the
mixer is stacked on the LO to reuse the current and reduce power consumption.
This transceiver achieves 10.4 Gbps over a range of > 40 cm in all directions while
consuming only 115 mW.

[31] achieves good power efficiency by eliminating the LO buffer and mixer. However,
typically these two blocks do not occupy a significant percentage of the overall
transceiver power consumption, which is generally dominated by the PA. Therefore,

3The transceiver implemented in [31] is a 4-element phased-array transceiver. Here only one
path is shown for clarity.
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(a) A heterodyne transceiver [25]

(b) A direct-conversion transceiver [26]

Figure 2.5: Transceiver architectures
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(a) Transceiver (b) Receiver

Figure 2.6: Power efficient transceiver [31]

Figure 2.7: Cartesian transmitter with quadrature spatial combining [23]
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to further improve the efficiency, new architectures and design techniques need to
be exploited to save power from PA. Direct digital-to-RF conversion, power-DAC,
and free-space power combining can be used to reduce the power consumption by
switching off PA cells at back-off [32, 33, 34, 35]. Fig. 2.7 shows a direct digital-
to-RF transmitter [23], where the I/Q PAs consist of an array of PA cells. The
output amplitude of I/Q path are digitally controlled by the number of on-state PA
cells. In other words, some PA cells are switched off at back-off to reduce power
consumption. Furthermore, since each PA cell amplifies a constant envelope signal, a
nonlinear amplifier can be used to maximize the efficiency of each PA cell. Moreover,
the quadrature output power of I/Q path are combined in space to minimize the
combining loss and maximize the isolation between the two paths. Thanks to the
aforementioned techniques, this transmitter achieves a peak efficiency of 17.4% and
an average efficiency of 7% at 6 dB back-off, representing ∼ 1.5X improvement over
prior art [30].

2.3 A Wideband OOK Transceiver

This section describes a mm-wave transceiver for high-speed short-range wireless
communication. The work is within the European Project Mirandela. The target of
this transceiver is to achieve 10 Gbps data rate over a distance of several centimeters.
It can be used for chip-to-chip communication, high definition videos download, and
other emerging applications.

2.3.1 Transceiver Architecture

OOK modulation is adopted in this design due to the simple architecture, which al-
lows to minimize the power consumption and time-to-the-market. There are mainly
three different ways to implement OOK modulation, as illustrated in Fig. 2.8.

The first architecture shown in Fig. 2.8(a) uses an explicit modulator to perform
OOK modulation, while the last two architectures directly modulate the PAs, i.e.
switching on the PAs when transmitting one and switching off the PAs when trans-
mitting zero. By switching off the PAs and eliminating the modulator, the last two
can achieve better power efficiency4. The transmitter shown in Fig. 2.8(c) can save
the largest amount of power by switching off both PA and VCO. However, it pose
several challenges. First, the VCO usually has load with high quality factor Q to
maximize the output amplitude, while the high Q load slows down the switching
speed of the VCO5. The substantial switching time limits the on/off power ratio

4The on-state performance of PA may drop a bit due to the switching transistor. However, this
penalty is negligible compared to the power saving when transmitting zero.

5The switching on/off time is approximately Q times the oscillation period.
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(a) A conventional OOK transmitter [22]

(b) A OOK transmitter with a switching PA [26]

VCO PA

DinDin
(c) A OOK transmitter with a switching PA and switching VCO [36]

Figure 2.8: Different realizations of OOK modulation

and achievable data rate. Second, the output of a switching VCO occupies large
bandwidth and requires a wideband PA, which generally leads to low gain and lim-
ited efficiency. On the other hand, the power consumption of the VCO is much less
than that of the PA. Therefore, the transmitter shown in Fig. 2.8(b) is adopted in
this design. It is worth noting that, the adopted OOK transmitter is essentially a
1-bit power DAC, and a good power efficiency can be achieved by switching off the
PA at back-off, i.e. transmitting zero in this case. By combining several such OOK
transmitters together (either on chip or in free space), multi-bit DACs and complex
modulation transmitters can be realized.

The receiver architecture is shown in Fig. 2.9, where the RF signal from the antenna
is amplified by a LNA and then directly demodulated by a squarer based envelope
detector (ED). The demodulated signal is amplified by a limiting amplifier (LA) to
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obtain large output amplitude. Compared to the receiver in Fig. 2.3, this architec-
ture eliminates the mixer and VCO, therefore is cable to minimize the chip area and
maximize the power efficiency.

LNA LA( )2

ED

Figure 2.9: OOK receiver architecture

2.3.2 Link Budget

To determine the specifications for individual blocks, it is necessary to perform the
link budget analysis. Fig. 2.10 shows a generalized wireless link, where the trans-
mitter delivers an output power of PTX , and the antenna gains of the transmitting
and receiving antennas are GTX and GRX respectively.

PTX

RX
PRX

GTX GRX

TX R

Figure 2.10: A generalized wireless link

According to the Friis transmission equation, the received signal power PRX can be
expressed in dBm as:

PRX =PTX +GTX +GRX − 20log(
4πR

λ
)

=PTX +GTX +GRX − 20log(
4πfcR

c
) (2.6)

where R is the distance between the antennas, and λ, c and fc the wavelength, speed
and frequency of the traveling signal, respectively. The last item is the so-called
free-space path loss, which is proportional to the square of the signal frequency.
As a result, mm-wave band link has much larger free-space loss than that of low
frequencies, and therefore is more challenging to reach a large distance.
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The robustness of the link can be measured by link margin, which is defined as the
difference between the minimum required signal level Psen, i.e. receiver sensitivity,
and the actual received power PRX . The sensitivity Psen in dBm is given as:

Psen =Pnoise + FRX + SNRout

=10log(KT ) + 30 + 10log(BW ) + FRX + SNRout
6 (2.7)

where Pnoise is the in-band input noise power, K Boltzmann’s Constant, T the
absolute temperature of the receiver input, BW the receiver bandwidth, FRX the
receiver noise figure, and SNRout the required SNR of the receiver output signal,
which is determined by the modulation scheme and desired BER.

Therefore, the link margin LM is:

LM = PRX − Psen

= PTX +GTX +GRX − 20log(
4πfcR

c
)− 10log(KT )− 30− 10log(BW )− FRX − SNRout

(2.8)

In this design, the antenna gains on both transmit and receive sides are 3 dBi. The
carrier frequency fc is chosen to be 50 GHz due to the limited operating range of
measurement instruments. The SNRout is chosen to be 17 dB to achieve a BER
less than 10−12, which can be seen from Fig. 2.2. In addition, as illustrated in
Fig. 2.11, the OOK power spectral density is a sinc2 function with 2Br main lobe
width around the carrier fc, where Br denotes the bit rate [22]. As a consequence,
to achieve a data rate of 10 Gbps, 20 GHz RF bandwidth is required.

Figure 2.11: OOK power spectral density

6The 30 is added because Psen is expressed in dBm.
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Therefore, the link margin LM of this OOK transceiver is:

LM =PTX + 3 + 3− 20log(
4πR50 ∗ 109

c
)− 10log(KT )− 30− 10log(20 ∗ 109)− FRX − 17

=PTX + 3 + 3− 66.5− 20logR + 174− 103− FRX − 17

=PTX − FRX − 20logR− 6.5 (2.9)

The communication distance R can be calculated from Eq.(2.9):

R = 10(PTX−FRX−LM−6.5)/20. (2.10)

From Eq.(2.10), it can be seen that to estimate the communication distance R,
we need to first calculate the receiver noise figure FRX . Since the proposed OOK
receiver is based on nonlinear energy detection, the classic Friis formula for noise
factor does not apply, and therefore the computation is not straightforward [37]. To
calculate the overall receiver noise figure FRX , a equivalent model with noise sources
is shown in Fig. 2.12, where sin is the desired input signal, ns the channel noise,
namp the input-referred LNA noise and nint the aggregated noise of the envelope
detector and following stages, while GLNA and a2 are the LNA gain and squarer
gain, respectively.

GLNA() a2( )
2

+

nint

sout+nout

+

ns+namp

sin

Figure 2.12: Equivalent model of the receiver with noise sources

The noise figure of the receiver FRX is defined as:

FRX =
SNRin

SNRout

. (2.11)

The input SNR is given as:

SNRin =
E[s2in]

E[n2
s]

=
EbBr

N0BW
=

Pb

PN0

(2.12)

where Eb is the energy of the bit, Br the bit rate, N0 the power spectral density of
the channel noise.
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The output SNR can be calculated as:

SNRout =
E[s2out]

E[n2
out]

=
E[(a2(GLNAsin)2)2]

E[(a2G2
LNA(2sin(ns + namp) + (ns + namp)2) + nint)2]

(2.13)

where E[•] denotes the expected value. Note that nint is uncorrelated with ns +
namp, and therefore the expectation of their product is zero. Furthermore, since ns

and namp are normally distributed variables, their sum is also normally distributed
variable and thus the odd-order moments of their sum are zero. Accordingly, the
output SNR can be simplified as:

SNRout =
G4

LNAa
2
2E[s4in]

4G4
LNAa

2
2E[s2in]E[(ns + namp)2] +G4

LNAa
2
2E[(ns + namp)4] + E[n2

int]

=
G4

LNAa
2
2P

2
b

4G4
LNAa

2
2PbE[(ns + namp)2] + 3G4

LNAa
2
2(E[(ns + namp)2])2 + σ2

nint

=
G4

LNAa
2
2P

2
b

4G4
LNAa

2
2PbPN0FLNA + 3G4

LNAa
2
2P

2
N0F

2
LNA + σ2

nint

(2.14)

where FLNA is the noise figure of the LNA, defined as:

FLNA =
SNRin,LNA

SNRout

=
Pb/PN0

Pb/E[(ns + namp)2]

=
E[(ns + namp)

2]

PN0

(2.15)

Substituting Eq.(2.12) and Eq.(2.14) into Eq.(2.11), we have

FRX =
SNRin

SNRout

=
Pb

PN0

4G4
LNAa

2
2PbPN0FLNA + 3G4

LNAa
2
2P

2
N0F

2
LNA + σ2

nint

G4
LNAa

2
2P

2
b

=
4G4

LNAa
2
2PbFLNA + 3G4

LNAa
2
2PN0F

2
LNA + σ2

nint
/PN0

G4
LNAa

2
2Pb

=4FLNA(1 +
3FLNA

4SNRin

+
σ2
nint

4FLNAG4
LNAa

2
2PbPN0

) (2.16)

Two important insights can be pointed out. First, even if the receiver is completely
noiseless, the SNR degrades by more than 6 dB. Second, unlike the common linear
case, the equivalent receiver noise figure FRX depends not only on the gain and noise
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figure of its blocks, but also on the input SNR. This is due to the squaring action of
the energy detector that translates to the output an amount of noise proportional
to the power of the input signal.

From Eq.(2.10) and Eq.(2.16), we can estimate the affects of different blocks on the
communication distance R. For example, assuming 25 dB LNA gain, 10 dB LNA
noise figure, σ2

nint
= 500nV 2, a2 = 1 and 4 dB link margin, the communication

distance R is a function of the output power PTX of the transmitter, as depicted in
Fig. 2.13. It can be seen that larger transmitter output power leads to longer com-
munication distance. On the other hand, large transmitter output power requires
large size of power amplifier, which may degrade the transmitter efficiency due to
the loss of layout parasitics. Therefore, 10 dBm output power, which can result in
more than 14 cm distance, is chosen in this design.
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Figure 2.13: Communication distance as a function transmitter output power

In the same way, assuming 10 dBm transmitter output power, 10 dB LNA noise
figure, σ2

nint
= 500nV 2, a2 = 1 and 4 dB link margin, the communication distance R

is a function of the LNA gain GLNA, as depicted in Fig. 2.14. It is not surprising that
higher LNA gain leads to longer communication distance. Interestingly, the distance
begins to saturate when the LNA gain is higher than 25 dB. This is because when
the gain of the LNA is very high, the noises of the ED and LA become negligible
when they are transformed to the receiver input, and thus the LNA dominates the
noise figure of the whole receiver. On the other hand, high gain complicates the
design and increases the power consumption. Therefore, 25 dB gain, which is the
starting point of the saturation, is chosen for the LNA.
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Figure 2.14: Communication distance as a function LNA gain
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Figure 2.15: Communication distance as a function LNA noise figure
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As analyzed before, when the LNA has very high gain, the noise figure of the LNA
determines the communication distance. To estimate this effect, we can simulate the
communication distance R as a function of the LNA noise figure FLNA. Assuming 10
dBm transmitter output power, 25 dB LNA gain, σ2

nint
= 500nV 2, a2 = 1 and 4 dB

link margin, we have Fig. 2.15. It can be seen that, smaller LNA noise figure results
in larger communication distance. A noise figure of 10 db is enough to achieve a
reasonable long distance.

In the same way, we can estimate other parameters such as σ2
nint

and a2, the results
are not shown here for simplicity of the thesis.

2.3.3 OOK Transceiver Specifications

Based on the analysis and simulations in Sec. 2.3.2, to achieve 10 Gbps data rate
over a distance of 10 cm, the transmitter, i.e. the PA, needs to deliver 10 dBm
output power, and the LNA requires to have 25 dB gain and 10 dB noise figure.
Furthermore, the RF amplifiers, i.e. the PA and LNA, need to have 20 GHz band-
width, while the baseband blocks, i.e. the ED and LA, 10 GHz bandwidth 7. In
addition, the VCO oscillates at 50 GHz with 10 % tuning range to cover process,
voltage and temperature (PVT) variations. The specifications are summarized in
Tab. 2.1.

Table 2.1: Specifications of the proposed OOK transceiver

VCO
Center Frequency 50 GHz

Tuning Range 10%

PA
Center Frequency 50 GHz

Bandwidth 20 GHz

LNA
Center Frequency 50 GHz

Bandwidth 20 GHz
Gain 25 dB

Noise Figure 10 dB

ED and LA
Bandwidth 10 GHz
Integrated Noise
Power at the
output of ED

500 nV 2

Tab. 2.1 only summarizes the obligatory requirements calculated from link budget
analysis. There are many other important parameters needed to be considered in
order to achieve a good performance. For example, the power efficiency of the PA is
critical to realize a low power transceiver. Moreover, the gains of ED and LA need
to be high enough to obtain a wide-open eye at the receiver output. Since these
merits are related to circuit design, they are discussed in the following chapters.

7In fact, 7 GHz bandwidth, i.e. 0.7Br, may be a better value to minimize the overall effect of
noise and inter symbol interference (ISI). Here we set 10 GHz bandwdith to cover PVT variation.
Bandwidth tuning techniques can be used to adjust the actual bandwidth to the optimal value.
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2.4 Conclusions

Thanks to the large available spectral resources at mm-wave band, simple mod-
ulation schemes can be adopted to minimize the power consumption of wireless
links, while achieving high data rate. In addition, digital-to-RF techniques, such
as directly modulating PAs, can be exploited to further improve the transceiver
efficiency. On the other hand, mm-wave signals experience significant free-space
path loss. Therefore mm-wave transceivers are suitable for low-power high-speed
short-range communications especially when non-directional antennas are used.

A wideband OOK transceiver is proposed in this chapter to target 10 Gbps data
rate over a distance of 10 cm. An in-depth analysis indicates that the nonlinear
energy detector has a substantial impact on the receiver noise figure. This impact
is properly taken into account in the link budget analysis, and specifications are
calculated accordingly for different building blocks.
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Chapter 3

A 40-67 GHz CMOS Power
Amplifier

This chapter describes a 50 GHz two-stage wideband PA for the OOK transceiver. A
methodology for designing wideband matching networks in PAs is proposed. Based
on inductively coupled resonators, the design technique leverages impedance trans-
formations and topological rearrangements to achieve high performance over a broad
frequency range.

A two-stage differential PA has been realized in ST 28 nm CMOS using low-power
devices to verify the proposed techniques. The PA has a bandwidth from 40 GHz
to 67 GHz, and delivers 13 dBm saturated output power with a peak power-added
efficiency (PAE) of 16% without power combining. To the best of the author’s
knowledge, the proposed PA achieves the largest fractional bandwidth (51%) with
state of the art performance among mm-wave PAs reported so far.

This chapter is organized as follows. Sec. 3.1 introduces the design challenges of
achieving wideband performance for mm-wave PAs. Sec. 3.2 describes the system
specifications and block diagram. In Sec. 3.3, a design methodology for wideband
matching networks is presented and two examples are given to illustrate the pro-
cedure. In Sec. 3.4, the design of active stages is discussed. Measurements and
conclusions close the chapter.

3.1 Broadband Power Amplifier Design Challenges

CMOS technologies may offer both low cost in volume production and RF/baseband
co-integration for mm-wave transceivers. However, power amplifier, which greatly
affects the entire transmitters power efficiency and output signal quality, still remains
one of the most challenging blocks. Besides conventional PA metrics, such as output

27



3.1. BROADBAND POWER AMPLIFIER DESIGN CHALLENGES

power and efficiency, various emerging applications pose further requirements on
the operating bandwidth. High data rate short-range wireless links may require
wideband operation to allow the use of simple modulation schemes [2], which can
considerably reduce the complexity of the system and cut time to market. Along
with wireless communications, remote sensing and imaging systems are continuously
evolving towards mm-wave frequencies, pushing for very large fractional bandwidths
to achieve high spatial resolution [38].

However, achieving a good performance over a large frequency range is really chal-
lenging for mm-wave PAs. Fig. 3.1 shows the block diagram of a two-stage PA.
The transistor MPA is chosen with a high form factor to deliver the desired output
power. However, large devices cause sizable parasitics, which not only impair the
limited power gain of the transistor, but also introduce large parasitic capacitance.
As a result, the gain-bandwidth product (GBW) is limited, especially at mm-wave
frequency. Furthermore, a trade-off between power efficiency and gain-bandwidth
product exists: first, the output transistor MPA is biased at a low level to main-
tain high efficiency at the cost of low gain; second, a small input transistor MIn

is desirable to achieve high efficiency, while a large MIn is preferable to increase
the transconductance and GBW. Since PA is the most power hungry block of a
transceiver, maximizing its efficiency is usually of primary importance, which on
the other hand limits the GBW.

Figure 3.1: Block diagram of a two-stage PA

Many prior studies proposed CMOS PAs at mm-wave frequencies [39, 40, 41, 19].
However, only a few of them show truly wideband operation, and generally few
insights are given on the matching network design techniques. In this chapter, we
focus on the analysis and design of wideband matching networks for mm-wave PAs.
As a result of this study, a two-stage wideband PA has been fabricated in 28nm
CMOS LP technology [42]. As it will be detailed in Sec. 3.6, the PA achieves good
performances over a fractional bandwidth greater than 51% around 55GHz.

28
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3.2 System Block Diagram

As discussed in chapter 2, to transmit data at 10 Gbps over 10 cm, PA has to
deliver at least 10 dBm output power while achieving a bandwidth around 20 GHz.
Moreover, since PA is the most power consuming block of a transceiver, achieving
high power efficiency is critical for implementing a low power system. In addition,
to facilitate the design of the preceding stage, i.e. easing the requirement of output
power for VCO in our case, the power gain of the PA needs to be high. Based on
these considerations, the specifications of this PA are reported in Tab. 3.1, where
PSAT is the saturated output power, fc the center frequency, BW the bandwidth,
Gain the power gain, and PAE the power-added efficiency.

Table 3.1: Specifications of the PA

PSAT 10 dBm
fc 50 GHz
BW 20 GHz
PAE 10%
Gain 10 dB

Due to the moderately low required power gain and reasonably high transistor gain of
this process (larger than 10 dB for each stage), the one-path two-stage architecture
in Fig. 3.2 is chosen for this design. Differential topology, which can double the
maximal output swing and achieve 40 mW , i.e. 16 dBm output power with the
nominal 1 V supply, is adopted for both active stages to achieve the required output
power without power combining.

Furthermore, impedance transformation techniques are exploited in the networks to
perform the desired impedance matching, i.e. transforming standard 50 Ω antenna
to the optimal load ZOPT of output stage to maximize the output power, matching
the input impedance ZPA,in of output stage to the output impedance ZIn,out of
input stage to minimize the size and power consumption of the input stage, and
matching the input impedance ZIn,in of input stage to standard 50 Ω to minimize
S11. To achieve wideband performance, inductively coupled resonators, which will
be discussed in Sec. 3.3.1, are employed as matching network candidate to achieve
the required bandwidth without impairing the gain.

3.3 Matching Networks Design

This section presents a design methodology for wideband matching networks. A
high-order low-complexity network is presented and adopted as matching networks
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Figure 3.2: System block diagram of a one-path PA

to achieve wideband performance. Impedance transformations techniques are ex-
ploited to obtain the required impedance matching and rearrange the network topol-
ogy to enable a compact layout. Finally, applying the methodology, the design
procedures of the output and interstage matching network are discussed in detail.

3.3.1 Inductively Coupled Resonator

High-order networks are able to accommodate large capacitors and thus achieve
wideband performance at low frequency [43]. However, due to the low quality factor
of passive components at mm-wave frequency, the number of passive components
should be small to minimize power losses. Furthermore, the topology of the network
and the component values should enable a compact layout to minimize parasitics. In
this scenario, inductively coupled resonator in Fig. 3.3 is promising. The capacitance
C1, that denotes the parasitic of the preceding stage, is resonated out by inductor
L1, while L3 resonates out the input capacitance C3. The two resonators are coupled
through L2 for wideband operation. This network has very simple topology and thus
can the insertion loss can be small.

Figure 3.3: Inductively coupled resonator
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From Fig. 3.3, the transimpedance ZT and the input impedance Zin of the network
can be calculated as 1:

ZT =
V out

Iin
≈ Z1Z3

Z1 + Z2 + Z3

Zin =
Z1 (Z2 + Z3)

Z1 + Z2 + Z3

(3.1)

where Z1, Z2, and Z3 are the three impedances marked with dashed boxes:

Z1 =
L1s

1 + L1C1s2

Z2 = L2s

Z3 =
1

1
R3

+ C3s+ 1
L3s

.

(3.2)

As illustrated in Fig. 3.4, the frequency response of transimpedance |ZT | exhibits
two peaking frequencies. When the Q = R3C3ω0 is high enough, the two frequencies
become:

ωL ≈ ω0

ωH ≈ ω0

√
1 + L1/L2 + L3/L2

(3.3)

where ω0 is the resonating frequency of the two resonators:

ω0 = 1/
√
L1C1 = 1/

√
L3C3. (3.4)

From Fig. 3.4 and Eq.(3.3), we can see that the lower boundary of the bandwidth
is set by the resonating frequency of the two resonators, and the higher boundary
is set by the ratio T = L1+L3

L2
. The bandwidth can be increased by decreasing L2

at the cost of larger in-band ripple. Moreover, the Q needs to be small to minimize
the in-band ripple.

To have a symmetric frequency response, the two resonators should have the same
quality factor. However, in most real cases the two quality factors are very differ-
ent and sometimes the larger one is assumed infinite [44]. In this case, balanced
resonators, i.e. C1 ≈ C3 and L1 ≈ L3, can be used to achieve a quasi-symmetric
response. On the other hand, layout parasitics such as limited quality factor QInd of
inductors and unwanted coupling capacitors may change the symmetry of an ideal
network. Fortunately, unbalanced resonators can be exploited to accommodate po-
tential layout parasitics and obtain a flat response. For example, as illustrated in
Fig. 3.5(a), the limited QInd decreases |ZT | within the operating band, especially at
higher frequency. As a result, the gain at higher frequency would be much smaller
than the one at lower frequency. To achieve a flat response across the bandwidth,

1To calculate ZT , we may need to consider the output resistance of the preceding stage, which
lowers the quality factor of the network and makes the frequency response more flat.
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Figure 3.4: Transimpedance of coupled resonator

P = L1

L3
can be increased to increase the gain at higher frequency. A example is

shown in Fig. 3.5(b), where QInd = 10 is assumed and T = L1+L3

L2
is kept unchanged

to maintain a constant bandwidth.

The input impedance Zin of the coupled resonator remains constant across large
bandwidth. This feature is helpful for performing impedance matching, which is
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Figure 3.5: The effects of P and QInd on transimpedance

particularly important for the output matching network to maximize the output
power from the active device. As shown in Fig. 3.6, the real part of the input
impedance Zin is around R3 = 50 Ω within the operating band in the case of high
Q and balanced resonator, while the imaginary part is around zero.

It is worth noting that, as the dual of inductively coupled resonator, capacitively
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Figure 3.6: The input impedance of coupled resonator

coupled resonators are also able to achieve wideband performance [20, 45]. How-
ever, capacitors have smaller quality factors and thus more losses than inductors
at mm-wave frequency. Moreover, through topological transformation, inductively
coupled resonators can integrate transformers to perform differential to single-ended
transformation and absorb potential layout parasitics to enable compact layout, a
feature that cannot be leveraged in capacitively coupled resonators.

3.3.2 Impedance Transformation Techniques

Inductively coupled resonator is promising to achieve wideband performance, but it
poses some limitations on the resonators. For example, C1 ≈ C3 is required to obtain
a symmetric network response. Considering the interstage matching network, C1 is
the output capacitor of the input stage, and C3 is the input capacitor of the output
stage. To make C1 ≈ C3, the input stage needs to be very large, thus consuming
a large amount of power, which will degrade the power efficiency of the system.
To avoid this problem, we can insert an explicit capacitor CE while using a small
input stage to make C1 + CE ≈ C3. However, the explicit capacitor will increase
the Q factor of the network and the in-band ripple, as illustrated in Fig. 3.4(b).
To circumvent this problem, design techniques are required to transform impedance
while preserving the network response.

A simple impedance transformation technique is using a transformer. Depicted in
Fig. 3.7(a), an ideal transformer with a ratio of 1 : N can change by N times
the impedance at one side of the circuit, without affecting the impedance at the
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other side. As a result, this technique can allow a large scaling factor between the
input stage and output stage while achieving wideband matching. Furthermore,
the transformer can be used to decouple two stages and provide supply and bias
voltages.

Figure 3.7: Impedance transformation techniques

Norton transform can also be used for impedance transformation [46]. The transfor-
mation is performed on an appropriate pair of adjacent branches of a ladder network.
In the simplest forms, the branches may contain only a pair of single capacitors or
inductors. An example is illustrated in Fig. 3.7(b), where the two inductors LS and
LP in the left network are flipped horizontally and scale down by M times. At the
same time, the impedance ZS is scaled down by M2 times, where M is dependent
on the circuit elements:

M =
LS + LP

LP

. (3.5)

Note that, Norton transform can also be applied to the right network to scale up
the impedance by M2 times. In other words, depending on the configuration of the
component pair, this technique can increase or decrease the impedance.

It is worth noting that both techniques do not change the order of the network or the
frequency response. So they can be conveniently used in wideband networks without
impairing the bandwidth. Moreover, compared to inserting a transformer, Norton
transform not only changes the impedance, but also rearranges circuit topology,
which may be used to enable a compact layout and minimize the losses. In the fol-
lowing sections, detailed discussions will show how these impedance transformation
techniques are used in coupled resonators to achieve wideband matching.
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3.3.3 Output Matching Network

For a given power device and technology, the maximum output voltage Vmax is
constrained by the devices breakdown voltage, while the maximum output current
Imax is limited by the device size and the input voltage drive. To maximize the
output power from a given device, specific load impedance should be presented at
the device output [47]. The desired impedance is normally determined through
large signal load-pull simulation or measurement. To the first order approximation,
the optimal load can be expressed as a inductance Lopt to resonate with the device
output capacitance Cdevice at the operation frequency ω and a parallel resistor Ropt,
given by the following equations:

Lopt ≈
1

ω2Cdevice

Ropt ≈
Vmax − Vknee

Imax

(3.6)

where Vknee represents the knee voltage of the power device. It is worth noting that:
Cdevice and Ropt can be considered constant across the operation frequency range[48].

Therefore, to achieve a high power broadband PA, the output matching network
needs to provide a desired load over a wide bandwidth with minimum insertion
loss. A design procedure, illustrated in Fig. 3.8, which starts from the coupled
resonator of Fig. 3.3 and leads to a transformer-based PA output matching network
is here presented. The procedure leverages impedance transformation techniques to
transform the standard 50 Ω to the desired load impedance across a wide frequency
range.

Firstly, a Norton transformation is performed on inductors L2 and L3, which get
topologically swapped in Fig. 3.8(b). This action scales down the input impedance
Zin by a ratio of

N2 = (
L2 + L3

L3

)2. (3.7)

Secondly, the two shunt inductors L1

N2 and L3

N
are combined as LA, and the inductor

L2

N
is split into LB1 and LB2, with following relationships:

LA =
L1L3

NL1 +N2L3

LB1 = (
1

k2
− 1)LA

LB2 =
L2

N
− LB1

(3.8)

where k is a positive number smaller than 1.
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Figure 3.8: Output matching network
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Thirdly, an ideal transformer with a turn ratio of 1 : k
√
r is inserted between LB1

and LB2, as shown in Fig. 3.8(d). This action further downscales the impedance to
the left of the transformer by a factor of k2r.

Finally, the network highlighted in dashed box represents a non-ideal transformer
model with both leakage inductances shifted to the secondary side [49], and can
be replaced by a practical transformer with an actual turn ratio of r and coupling
coefficient of k. The design equation of the transformer’s inductances LP and LS

are given as

LP =
LA

k2r

LS =
LA

k2
.

(3.9)

To sum up, through a Norton transformation and insertion of a transformer, the
inductively coupled resonator can be used to achieve a third-order bandpass function
with both impedance conversion and differential to single-ended signal combining.
The proposed network achieves a total impedance down transformation of k2rN2,
thus the optimal load now can be calculated as

Ropt =
RL

k2rN2
(3.10)

where RL = 50 Ω, N the ratio L2+L3

L3
, k and r the coupling coefficient and turn ratio

of the transformer.

Compared to the canonical third-order bandpass filter based network in [43], the
above design method naturally utilizes the parasitic inductor Ltrace of the trace
between the transformer and GSG pads. This feature allows the network to be
easily implemented as a compact layout to minimize the insertion loss.

As can be seen from Eq.(3.10), to achieve a large output power, i.e. to obtain a small
Ropt, the k, r and N need be large. However, the maximum achievable k is around
0.85 in practice, and r is usually set to 1 to minimize the loss of the transformer.
Furthermore, large N means small L3

L2
, which, as discussed in Sec. 3.3.1, causes a

small bandwidth for the matching network. This implies a trade-off between output
power and the bandwidth. Moreover, there is another limitation: the inductor LB2

should be equal or larger than the parasitic inductor Ltrace. In this design, k ≈ 0.65
and N ≈ 1.8 are chosen to make LB2 equal to Ltrace ≈ 30 pH.

It is worth noting that, using the π model of transformer, the inductively coupled
resonator in Fig. 3.8(a) can be replaced by a non-ideal transformer [50]. However,
compared to a simple transformer, inductively couple resonators with Norton trans-
formations lead to a larger output power and allow to rearrange network topology,
while conveniently including layout parasitics.

Besides the bandwidth and impedance transformation, the power efficiency is also
critical for the output matching network. For example, if the network has 3 dB
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insertion loss, the output power will drop by 3 dB and PAE will drop by more than
50%. To estimate the insertion loss, we need to consider the parasitic resistance of
inductors and the output network in Fig. 3.8(d) can be redrawn in Fig. 3.9(a), where
RA is the parasitic resistance of the primary inductor LA

k2r
, RB the parasitic resistance

of the secondary inductor LA

k2
and serial inductor LB2. Assuming all inductors have

the same quality factor Qind at operation frequency ωC , the two parasitic resistors
can be expressed as:

RA =
LA

k2r

ωC

Qind

RB = (
LA

k2
+ LB2)

ωC

Qind

.

(3.11)

Figure 3.9: Loss of output matching network

To facilitate the efficiency calculation, we can replace the transformer with its T
model [51], as shown in Fig. 3.9(b), where the inductor LC is the primary leakage
inductance of the transformer, the inductor LM the mutual inductance, and the
inductor LD is the sum of the secondary leakage inductance of the transformer and
the serial inductance LB2, expressed as:

LC =
(1− k

√
r)LA

k2r

LM =
LA

k
√
r

LD =
(
√
r − k)LA

k2
√
r

.

(3.12)
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Considering the power loss due to RA and RB in Fig. 3.9(b), we have

η =
PL

PA + PB + PL

=
|IL|2RL

|IA|2RA + |IB|2RB + |IL|2RL

IB
IA

=
jωLM

RB + RL

1+Q2
r

+ j[(LM + LD)ω − 1
ωC3(1+

1

Q2
r
)
)]

IL
IB

=
1

1 + jωC3RL

=
1

1 + jQr

Qr = ωC3RL

(3.13)

where IA, IB and IL are respectively the currents across the resistors RA, RB and
RL, and ω the operation frequency.

Substituting the expressions of LM , LD, RA and RB into Eq.(3.13), the efficiency η
can be expressed as 2:

η =
PL

PA + PB + PL

=
|IL|2RL

|IA|2RA + |IB|2RB + |IL|2RL

=
1

1 + (1 +Q2
r)

RB

RL
+ (1+Q2

r)RA

ω2L2
MRL
{(RB + RL

1+Q2
r
)2 + [(LM + LD)ω − 1

ωC3(1+
1

Q2
r
)
]2}

=
1

1 + (1+Q2
r)NL3ω

(N+1)QindRL
+ (N2+N)(1+Q2

r)
QindωL3RL

{( NL3ω
(N+1)Qind

+ RL

1+Q2
r
)2 + [ N

N+1
L3ω − 1

ωC3(1+
1

Q2
r
)
]2}
.

(3.14)

From Eq.(3.14), we can see that: to enhance the efficiency, the inductor Q factor
Qind should be large. In addition, in narrow band PAs, the values of Qr and N can
be chosen to maximize the efficiency [52, 53]. However, in wideband PAs, the Qr

and N are constrained by the required bandwidth. This implies a trade-off between
bandwidth and efficiency of the output network. Another interesting insight can
be found from Eq.(3.10) and Eq.(3.14): the coupling coefficient k only affects the
optimal load Ropt but not the efficiency η 3. As a result, k can be used to tune the
Ropt for different output power. In this work, k ≈ 0.65 and Ropt ≈ 40 Ω to satisfy
the power requirement and facilitate the design.

The finite Qind and interwinding capacitance of the transformer may change the
behavior of the matching network, so the values of the passive components may
need fine tuning using simulation software such as Agilent Advanced Design System

2In Eq.(3.14), L1 = L3, which is close to the real case, is assumed to simplify the calculation
with little penalty on accuracy.

3This is different from [52, 53] where k affects both Ropt and η. The divergence stems from the
fact that, according to Eq. (3.11) the parasitic resistor RA in our design is inversely proportional
to k2, while in the analysis of [52, 53] RA is assumed to be independent from k.
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(ADS). After several optimizations, the input impedance Zin and power efficient η
of the final output network are shown in Fig. 3.10:
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Figure 3.10: Impedance and efficiency of output matching network

As can be seen from Fig. 3.10, the real part of the input impedance Zinre is very
close to Ropt = 40Ω in the frequency band from 40 to 62GHz. The imaginary part
Zinre is around zero. The efficiency of the network is larger than 60% between
30GHz and 62GHz with a peak around 73% at 42GHz. The passive efficiency
drops at higher frequencies mainly due to metal and substrate losses.

The transimpedance ZT of the output matching network is simulated and shown in
Fig. 3.11 4. ZT has only 0.5dB ripple between 40GHz and 60GHz, which guarantees
a flat gain response.

3.3.4 Interstage Matching Network

The design of the interstage matching network is also an important step in the
PA design process. Together with the input stage, the interstage network needs to
deliver enough power to drive and even saturate the output stage over the whole
operation bandwidth. To enhance the power efficiency of the system, the interstage
network needs to maximize the power delivered to the output stage so as to allow

4In Fig. 3.11 the output resistance of the output stage is also taken into account.
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Figure 3.11: Transimpedance of output matching network

the usage of a small input stage. In addition, the interstage matching network needs
to be layout-friendly to minimize the insertion loss.

Thanks to its the wideband performance, inductively coupled resonator can be used
as interstage matching network, as shown in Fig. 3.12, where R1 and C1 represent
the output impedance of the input stage, while R3 and C3 are the input impedance
of the output stage.

Figure 3.12: Coupled resonator as interstage matching network

Compared to Fig. 3.3, Fig. 3.12 considers the output resistance R1 of the input stage.
In fact, the ripple of the interstage matching network is mainly determined by the
Q factors of the two resonators, i.e. R1C1ωC and R3C3ωC , where ωC is the center
operating frequency. Since in this precess (ST 28 nm LP CMOS)Q1 = R1C1ωC ≈ 2
is much smaller than Q3 = R3C3ωC ≈ 12, the ripple is mainly determined by
R1C1ωC .
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As discussed in Sec. 3.3.1, the frequency response of the network in Fig. 3.12 has two
peaking frequencies, which are defined in Eq.(3.3). Large T = L1+L3

L2
leads to large

wideband, and Q1 = Q3 is required to achieve a symmetric frequency response.
However, Q3 is about 5 times larger than Q1. As a result, explicit resistors or
capacitors are required to compensate the difference. An explicit resistor RE can
be added in parallel with R3 to decrease Q3. However, the explicit resistor RE

will degrade severely the gain and efficiency. For example, RE ≈ R3

5
is required to

decrease Q3 from 12 to 2, which also diminishes the gain by 83%. To circumvent
this problem, an explicit capacitor CE can be added in parallel with C1 to make
Q1 ≈ Q3. However, the increased Q1 deteriorates the in-band ripple and limits the
bandwidth of the network. To circumvent the aforementioned problems, we need to
seek other approaches.

Fortunately, when Q1 << Q3, C1 ≈ C3 can also obtain a quasi-symmetrical re-
sponse. Therefore in this design, an explicit capacitor CAdd is added in parallel
with C1 to make C1 + CAdd ≈ C3 and ensure a symmetrical response, while an
explicit resistor RAdd is added in parallel with R1 to lower the quality factor of the
network and achieve the required bandwidth. Moreover, impedance transformation
techniques are utilized to scale down the size of input stage and improve power
efficiency. The detailed procedure is explained in Fig. 3.13.

Firstly, the interstage matching network starts from a balanced coupled resonator
in Fig. 3.13(a) with C1,t ≈ C3 and L1,t ≈ L3, where C1,t is the sum of the output
capacitance C1 and the explicit capacitor CAdd, and R1,t the parallel result of the
output resistance R1 and the explicit resistor RAdd, given as:

C1,t = C1 + CAdd

R1,t =
R1RAdd

R1 +RAdd

.
(3.15)

In this design, C1 ≈ C3

2
, i.e. CAdd ≈ C1, is chosen to provide enough power for

output stage. R1,t and thus RAdd are designed to obtain reasonable in-band ripple,
while L2 is set to achieve the desired bandwidth. Note that the output stage is
represented by R3 and C3, while the symbol of the MOS transistor is ignored for
simplicity. V in and V out are the gate-source voltages of input and output stage
respectively.

Secondly, the inductor L2 is split into L2a and L2b, with the following relationships:

L2a = (
1

k2
− 1)L1

L2b = L2 − L2a

(3.16)

where k is a positive number smaller than 1.

Thirdly, an ideal transformer with a turn ratio of 1 : k
√
r is inserted between L2a

and L2b, as shown in Fig. 3.13(c), where k
√
r is chosen to be smaller than 1. This
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Figure 3.13: Interstage matching network

action upscales all the impedances at the input stage side by a factor of 1
k2r

. Since
the ideal transformer has a voltage gain of k

√
r < 1, the transconductance and thus

the size of the input stage need to be downscaled by 1
k
√
r

rather than 1
k2r

to achieve

the same voltage gain V out
V in

. The output impedance of the scaled input stage, which
is inversely proportional to the new size, is

C
′

1 = k
√
rC1

R
′

1 =
R1

k
√
r
.

(3.17)

Therefore, the output impedance scales up by a factor of 1
k
√
r
, which is different

from the scaling factor 1
k2r

of the overall impedance at the input stage side. As a
result, the explicit capacitor and resistor need to be modified accordingly. The new
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explicit capacitor C
′
E and resistor R

′
add can be calculated as

C
′

E = k2rC1,t − C
′

1

R
′

add =
1

k2r
R1,t
− 1

R
′
1

. (3.18)

Substituting Eq. (3.15) and Eq. (3.17) into Eq. (3.18), we have

C
′

E = k2rC1,t − C
′

1 = k2r[CE − (
1

k
√
r
− 1)C1]

R
′

add =
1

k2r
R1,t
− 1

R
′
1

=
1

k2r

R1Radd

R1 − ( 1
k
√
r
− 1)Radd

.
(3.19)

Note that the parallel explicit impedances scale by a factor larger than 1
k2r

, and
thus their detrimental affects are minimized by inserting the transformer. In fact
the clumsy explicit C

′
E and R

′
add can be totally removed if the following equations

are satisfied:

CE = (
1

k
√
r
− 1)C1

Radd =
k
√
r

1− k
√
r
R1

(3.20)

which is the case of this design.

Finally, the network highlighted in dashed box in Fig. 3.13(c) represents a non-
ideal transformer model with both leakage inductances shifted to the secondary side
[49], and can be replaced by a practical transformer with an actual turn ratio of
r and coupling coefficient of k. The design equation of the transformer’s primary
inductance LP,inter is given as

LP,inter =
L1

k2r
. (3.21)

To sum up, a balanced coupled resonator is employed as the interstage matching
network to obtain symmetric frequency response. Furthermore, an ideal transformer
is inserted to reduce the size and power consumption of input stage by a factor of 1

k
√
r
,

i.e. 2 in this design, while achieving the same voltage gain and network response.
As a result, a input stage which is only one fourth of the output stage is used in this
design to enhance power efficiency. In this regard, it is worth considering the affect
of reducing the size of input stage on the power gain GP :

GP =
Pout

P in
=
V out2

R3

Rin

V in2
=
V out2

V in2

Rin

R3

(3.22)

where Rin is the input resistance of the input stage. Since the voltage gain V out
V in

and the input resistance R3 of the output stage are constant, the power gain GP
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is proportional to Rin. Therefore, reducing the size of the input stage increases its
input impedance Rin and leads to a larger power gain GP .

Compared to the final output matching network in Fig. 3.8(e), the final interstage
matching network in Fig. 3.13(d) has an extra inductor L3 at the input of output
stage. The difference stems from that a Norton transform is performed on L3 when
designing the output matching network. This Norton transform scales down the
impedance at the left side and allow to obtain larger output power. However, the
goal of the interstage matching network is to upscale the impedance at the left side
so as to reduce the size of input stage for high power efficiency. As a result, no
Norton transform is performed and L3 remains.

3.4 Active Stages Design

One of the biggest design issues for mm-wave PAs is the limited power gain at
frequencies close to the cut-off frequency of the technology. For example, even in
the advanced technology such as 28 nm CMOS process, the power gain of a common
source amplifier is only around 12 dB at 50 GHz. On top of that, due to the feedback
from output to input via the gate-drain capacitor CGD, the stability of the amplifier
is impaired. In fact, many mm-wave PAs tend to oscillate at frequencies smaller than
operating frequency [54], where the transistor gain increases much quicker than the
losses of the matching networks. As a result, explicit damping or loss is required to
suppress potential oscillation [39, 50]. However, the explicit loss degrades the gain
and limits the power efficiency.

In this design, capacitive neutralization, which can cancel out the feedback due to
CGD [40, 55], is adopted for both active stages to enhance the stability and power
gain. Furthermore, inductive degeneration is employed on the input stage to lower
the quality factor of input impedance and achieve wideband input matching.

3.4.1 Capacitive Neutralization

A differential neutralized amplifier is shown in Fig. 3.14, where two cross-coupled
capacitors CN are added to minimize the detrimental effect of the intrinsic gate-drain
capacitor CGD. Specifically, thanks to the opposite phase of differential outputs, the
feedback current from OutN to InP via CGD is opposite as the feedback current from
OutP to InP via CN . Therefore, the overall feedback current from the differential
outputs to InP can be zero. The same for the InN .

It can be proven that the feedback from output to the input can be completely
removed when the following relationship is satisfied [55]:

CN ≈ CGD. (3.23)
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Figure 3.14: Schematic of a differential neutralized amplifier

As illustrated in Fig. 3.14, capacitively neutralization can be conveniently imple-
mented in differential topology to achieve a near unilateral behavior with no penalty
in power consumption. As a result, both stability and reverse isolation are improved.
A good reverse isolation minimizes the interaction between matching networks and
simplifies their design, which is critical to achieve a wideband performance. Fur-
thermore, since the feedback due to CGD is negative, annulling the feedback can also
improve the power gain.

Cascode structure is traditionally used to improve the stability and gain at low
frequencies. However, since the parasitic capacitance has high admittance at mm-
wave frequencies, the improvements on stability and gain are limited, especially after
considering the layout parasitics [55]. Moreover, due to the voltage drop on the
common gate transistor, the output swing and thus the output power and efficiency
are impaired.

To get some quantitative understanding, we compare the power gain of 3 different
amplifier topologies: common source amplifier with and without neutralization and
cascode amplifier, where all the transistors of all the amplifiers have the same size,
all the common source transistors have the same bias voltage 0.5 V and the common
gate ones are biased at supply voltage 1 V . The simulated power gains are shown
in Fig. 3.15, where CS, CSNeu and Cas represent the power gain of common source
amplifier without and with neutralization and cascode amplifier, respectively.

Compared to simple common source amplifier, the neutralized one offers 12 dB more
gain at 10 GHz, and higher gain up to 200 GHz. In addition, neutralized common
source amplifier achieves absolute stability across all frequencies, while the common
source one is only conditional stable below 200GHz. Compared to cascode amplifier,
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neutralized common source amplifier has both higher gain and better stability.

Capacitive neutralization is very attractive with respect to stability and gain. How-
ever, neutralization increases the Q factors of both input and output impedances
and poses difficulties on wideband matching. Fig. 3.16 compares the Q factors of a
differential amplifier with and without neutralization, where Qin and Qout are the
Q factors of input and output impedance without neutralization, and QinNeu and
QoutNeu the Q factors of input and output impedance with neutralization5.

As illustrated in Fig. 3.16, both input and output Q factors rise through capacitive
neutralization. The output Q factor remains small even after neutralization, and
thus causes few problems for matching. However, the input Q factor increases to an
unacceptable value and will pose difficulty for wideband impedance matching [56].
More discussion about the matching challenge and the technique used to overcome
it will be discussed in Sec. 3.4.3.

3.4.2 Output Stage

The schematic of the output stage is shown in Fig. 3.17, where M1,2 are the input
transistors, M3,4 the drain-source shorted transistors serving as neutralizing capaci-
tors. Note that compared to MOM capacitors, transistor-based capacitors cost less
area and can better track the CGD of input transistors [57].

Figure 3.17: Output stage and the driver of modulating signal

5Q is defined as the ratio between the imaginary part of Y 11 and its real part, i.e. Q = Im{Y 11}
Re{Y 11} .
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The output stage is co-designed with the output matching network to minimize the
loss of the network while delivering enough output power. After several optimization,
the size of the input transistors is chosen to be 200um/28nm, and the size of the
neutralizing transistors is set to 100um/28nm to maximize the stability.

3.4.3 Input Stage

To achieve a wideband performance, the input stage not only needs to provide
enough power to drive the output stage over the desired bandwidth, but also needs
to facilitate the design of input matching network. The latter one is proven to
be more difficult in this design. To gain some insight, we can refer to Bode-Fano
criterion[56], given as ∫ ∞

0
ln

1

|Γ|
dω ≤ πωC

Q
(3.24)

where Γ is the reflection coefficient, ωC the center frequency, and Q the quality
factor of the input impedance of input stage. In the ideal case, where |Γ| is constant
within matching band and close to 1 out of band, Eq.(3.24) can be simplified as

∆ωln
1

|Γ|
≤ πωC

Q
(3.25)

where ∆ω is the matching bandwidth. From Eq.(3.25) it can be seen that: it is
necessary to have a impedance with low Q factor to achieve a good matching over
a large bandwidth. For example, to achieve S11 ≤ −10dB, i.e. |Γ| ≤ 10−0.5, within
20GHz frequency band around 50GHz, the Q factor of the input impedance of the
input stage needs to be smaller than 7.

However, in this technology, the Q factor of the input impedance of a common
source amplifier is very high. Furthermore, the capacitive neutralization, which is
used to ensure stability and improve power gain, further increases the Q factor.
After considering the layout parasitics, the Q factor of the input impedance of a
neutralized common source amplifier is around 16, which makes it impossible to
achieve the required 20GHz bandwidth. As a result, it is necessary to use explicit
techniques to lower the Q factor. A straightforward method is to add resistors [43],
but the explicit resistors will consume power and degrade the gain and efficiency
severely. For example, to decrease the Q factor from 16 to 4, the gain of the matching
network will drop by 6 dB.

To circumvent the aforementioned drawbacks, this design utilizes inductively degen-
eration, which is commonly used for input matching in LNA [17], to generate a real
part and lower the Q factor of input impedance. The schematic of the input stage is
shown in Fig. 3.18, where two degenerating inductors LDeg are added at the sources
of transistors to decrease the Q factor.
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Figure 3.18: Schematic of input stage

To get some quantitative understanding, we can compare the two Q factors of the
input impedance of the amplifier with and without inductively degeneration. The
input impedance Zinwo of a common source amplifier without degeneration and its
quality factor Qinwo can be calculated as:

Zinwo ≈ RG +
1

CGSs

Qinwo ≈
1

RGCGSωC

(3.26)

where RG is the gate resistance and CGS the gate-source capacitor of the input
transistor.

For an inductively degenerated amplifier, we have

Zinw ≈ RG +
gmLDeg

CGS

+
1

CGSs
+ LDegs

Qinw ≈
1

(RG +
gmLDeg

CGS
)CGωC

.
(3.27)

Comparing Eq.(3.27) with Eq.(3.26), we can see that the degenerated inductor gen-

erate a real part
gmLDeg

CGS
in the input impedance and decreases the Qin.

On the other hand, the gain of a degenerated amplifier is related to the quality factor
of its input impedance [51], and smaller Qin leads to smaller gain. As a result, the
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Qin cannot be too small. In this design, the degenerating inductor is set around
30 pH to decrease the Qin from 16 to 4, while the maximum available gain drops
from 19 dB to 15 db at 50 GHz. Compared to adding resistor at transistor gate,
this approach achieves 2 dB higher gain while obtaining the same Qin. In addition,
inductively degeneration can increase the linearity of the amplifier. Therefore, de-
spite a lower gain, degenerated amplifier has larger 1 dB compression output power
than a un-degenerated amplifier. This feature implies that inductively degeneration
allows to achieve a better input matching while increasing the linear output power
of input stage.

The design procedure of the input matching network is similar to the other two
matching networks. Starting from an inductively coupled resonator, impedance
transformation techniques are used to match the input stage to 50 Ω over a large
frequency range. The final input matching network is shown in Fig. 3.19, where L1

is the parasitic inductance between the input GSG pads and the transformer, L2 the
inductance between the transformer and the input stage, and LDeg the degenerating
inductor. The LDeg is coupled to L2 to form ”nested inductors” [58].

Figure 3.19: Input matching network

Figure 3.20: Input matching layout

The simplified layout of the input matching network is shown in Fig. 3.20, where
LDeg is placed inside L2 to simplify the layout routing. Since the gate current Iin
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over L2 and the current Iin+Iout over LDeg are not in phase, some calculations are
required to understand the effect of the coupling. From Fig. 3.19, we have

VL2 = sL2Iin + sM (Iin + Iout)

VLDeg
= sMIin + sLDeg (Iin + Iout)

VGS =
1

sCGS

Iin

Iout = gmVGS =
gm
sCGS

Iin

Vin = VLG
+ VGS + VLS

= Iin

(
s (L2 + 2M + LDeg) +

1

sCGS

+
gm
CGS

(LDeg +M)
)

Zin =
Vin
Iin

= s (L2 + 2M + LDeg) +
1

sCGS

+
gm
CGS

(LDeg +M)

(3.28)

where gm is the transconductance of the input stage, M the mutual inductance of
L2 and LDeg, given as:

M = k2
√
L2LDeg (3.29)

where k2 is the coupling coefficient of L2 and LDeg.

As can be seen from Eq.(3.28), although the currents over L2 and LDeg are out of
phase, the effect of their coupling on the input impedance Zin is the same as normal
coupling: both inductors are increased by the mutual inductance M . Therefore the
physical lengths and ohmic losses of both inductors can be reduced.

3.5 Complete Circuit

The simplified schematic of the implemented PA is shown in Fig. 3.21. The ampli-
fying transistors of the output stage have a size of 200µm/28nm, while the size of
input stage is only 40µm/28nm. Compared to other PAs in literatures, this design
has a relatively small input stage, which is due to the large GBW of proposed net-
work. The small input stage can reduce the power consumption and thus improve
the overall power efficiency.

Figure 3.21: Complete schematic of the PA
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As discussed before, both stages employ capacitively neutralization to enhance sta-
bility and increase power gain, while the size of the neutralizing transistors are
chosen to minimize the feedback from output to input 6. All the bias and supply
voltages are provided at the center taps of transformers, which facilitates the layout
routing and provides a good electrostatic discharge (ESD) protection [45]. Further-
more, big resistors are added in biasing path to suppress common-mode oscillation.
All the matching networks are based on inductively coupled resonators to obtain a
wideband performance. Impedance transformation techniques are also exploited to
maximize the transfered power and enable a compact layout.

The PA has been fabricated in ST 28 nm bulk CMOS LP process. The micrograph
of the chip is shown in Fig. 3.22, where all matching networks are marked with
white boxes. It can be seen that the output matching network is very compact. The
overall chip occupies an area of 620x540 µm2. It is pad limited, and the core area
is only 470x120 µm2.

Figure 3.22: Micrograph of the chip

6The neutralizing capacitors shown in Fig. 3.21 are implemented by transistors.
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3.6 Measurements

3.6.1 Measurement Setup

The measurement setup for small signal performance is shown in Fig. 3.23. A vector
network analyzer is used to provide the input and measure the output signal viaGSG
pads. The bias and supply voltages are provided by DC signal generators, which
can measure the DC power consumption.

Figure 3.23: Measurement setup for S-parameters

The measurement setup for large signal performance is shown in Fig. 3.24. The
input signal is provided by a signal generator, and the output signal is measured
by a spectrum analyzer, whose operating range is up to only 50 GHz and thus the
measurement is limited to 50 GHz. It is worth noting that, the de-embedding of the
loss of the signal path is critical for PA. For this purpose we connected directly the
signal generator and spectrum analyzer with a cable, and get the loss from signal
generator to spectrum analyzer. In the measurement setup, we use two cables, which
are the same as the one used for de-embedding, to connect the input and output.
After the de-embedding, when the input power is small, the PA gain in large signal
setup is in accordance with the one got from S-parameters setup, which means the
de-embedding has a good accuracy.
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Figure 3.24: Measurement setup for large signal performance

3.6.2 Measurement Results

The measured S-parameters are shown in Fig. 3.25. The peak gain is 13.3 dB 7, and
the 3 dB bandwidth is from 40 GHz to 67 GHz. The S11 is less than −8 dB from
40 GHz to 65 GHz, and S22 less than −10 dB from 43 GHz to 67GHz. The S12
is less than −40 dB over the whole measured frequency range.

The measured k-factor and group delay are shown in Fig. 3.26. The K is larger
than 10 and |δ| = |S11S22 − S12S21| smaller than 1, ensuring an unconditional
stability of the PA. In addition, the group delay has an average value of 40 ps with
a maximum ±4 ps from 47-67 GHz.

The large signal performance at 50GHz versus input power is shown in Fig. 3.27.
When the input power Pin is small, the gain is almost the same as the S21. As Pin
increases, PAE increases and reaches its peak 16% around Pin = 3dBm. Pout also
increases with Pin and starts to saturate when Pin is large. The PSAT is around
13.3dBm and the P1dB is about 12.1dBm.

The large signal performance versus frequencies is shown in Fig. 3.28. Since the
measurement instrument can only operate up to 50GHz, the measurement is limited
between 40GHz and 50GHz. In this frequency band, PSAT and P1dB are almost
constant. The PAE is larger than 15% from 47GHz to 50GHz. It is worth noting
that the gain S21 peaks around 42GHz while PSAT and PAE peak around 50GHz.
The inconsistency is due to the fact that, the gain, which is small signal feature,
mainly depends on the transimpedance of the network, while PSAT and PAE, which
are large signal features, also depend on the input impedance of the output matching
network.

7The relatively low gain is mainly caused by the fact that the chip works in SS corner, while
the gain will be around 20 dB if the chip works in TT couner.
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Figure 3.25: Measured S-parameters
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3.6.3 Comparisons

The performance is summarized and compared with published mm-wave CMOS PAs
without power combining in Tab. 3.2. The implemented PA shows the highest frac-
tional bandwidth with state-of-the-art efficiency and output power. The achieved
GBW is comparable to [59, 60], where however a high power supply is needed.

Table 3.2: Comparison table of mm-wave CMOS PAs without power combining

This Work [59] [55] [60] [61]
Tech. 28 nm 65 nm 65 nm 45 nm 65 nm

Vdd [V] 1 1.8 1 2 1.2
Gain [dB] 13 16 16 20 18
BW [GHz] 27 21 9 13 12.5

GBW [GHz] 121 133 57 130 99
PSAT [dBm] 13 13 11.5 14.5 9.6
P−1dB [dBm] 12 8 - 11.2 -

PAE [%] 16 8 15.2 14.4 13.6
Frac. BW [%] 51 35 15 21.7 20.8

3.7 Conclusions

For mm-wave PAs, due to large layout parasitics and limited gain, it is challenging
to achieve a good performance over a large frequency range. To reach this goal, this
chapter presents a design methodology for high-order matching networks to obtain
wideband operation, while enabling a compact layout and minimizing the insertion
loss. The fabricated prototype demonstrates 13 dBm PSAT , 16% peak PAE and 27
GHz bandwidth which is the largest among mm-wave PAs. The wide bandwidth
enables the transceiver to achieve large data rate with simple modulation methods.
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Chapter 4

A Two-Path Power Combing
CMOS Power Amplifier

Large PA output power is generally desirable to increase the link span and mini-
mize the bite error rate (BER) of a wireless transceiver. However, compared with
compound semiconductor such as GaAs, CMOS technology has much smaller break-
down voltage, which severely limits the supply voltage. Furthermore, low quality
factors of passive components at limit the impedance transformation ratio between
the fixed antenna and PA load impedance. Therefore, the achievable output power
of CMOS PAs are generally low and explicit techniques are required to obtain large
output power.

This chapter discusses different approaches to increase PA output power. Particular
attention is given to on-chip passive power combining and splitting techniques. A
though analysis is conducted on the stability of non-isolated power splitter, which
reveals the oscillation problem of traditional non-isolated power splitter. A novel
power splitter is thus proposed to suppress the potential oscillation. Using the
proposed structure, a three-stage two-path differential PA has been realized in ST
65 nm CMOS GP. The PA shows no stability issue and achieves 30 dB power gain,
20 dBm PSAT and 22% peak PAE with a bandwidth from 58.5 GHz to 73.5 GHz.

4.1 Output Power Limitations

Fig. 4.1 shows a general PA diagram, where V out and V in denote the output voltage
over the load and the input voltage at the gate of power device MPA, V dd and VD
the supply voltage and the drain voltage of MPA, RL and Ropt the antenna resistor
and the optimal load resistance of MPA, respectively.

Assuming a lossless matching network, the power delivered to RL equals to the
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Figure 4.1: A general PA diagram

power absorbed by Ropt, given as:

Pout =
V out2

2RL

=
V 2
D

2Ropt

(4.1)

Considering class-AB operation, which is the case for most mm-wave PAs, the maxi-
mal drain voltage VD approximates the supply voltage V dd. So the maximal output
power is

Pout,max =
V dd2

2Ropt

(4.2)

From Eq. 4.2, it is easy to see that there are two different ways to increase the
maximal output power Pout,max: increasing V dd and decreasing Ropt.

V dd is normally constrained by the breakdown voltage of CMOS technology, which
is much smaller than other processes. For example, the nominal supply voltage
V dd, nom is only 1 V in 65 nm CMOS technologies, while it can be 10 V in GaAs
MESFET technology [62]. This means 100 times smaller output power for CMOS
PAs. To increase the output power, several techniques are proposed to push the ac-
tual supply voltage V dd higher than the nominal V dd, nom, while avoiding damag-
ing transistor and ensuring long-term reliability. A widely used technique is cascode
topology, which allows the usage of a supply higher than V dd, nom by dividing V dd
between the common-source and common-gate transistors [50]. Stacking topology
extends the idea of dividing supply voltage between multiple transistors [63, 64].
Fig. 4.2 shows a simplified schematic of a PA with N stacked transistors.

Theoretically, stacking N transistors can increase the maximal allowable supply
voltage by N times, which means increasing the output power by N2 times without
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Figure 4.2: Schematic of a stacking PA

causing serious reliability problem1. Although stacking looks effective in enlarg-
ing output power, it has several practical limitations. Firstly, the input network,
which is used to generate N inputs, i.e. V in1, V in2 ... V inN , needs to be designed
delicately to ensure all the inputs have the same phase and all the transistors have
similar drain-source voltages. Secondly, it requires a supply voltage much larger than
the nominal value, which poses difficulty for integration and probably increases sys-
tem complexity and cost. Furthermore, substrate breakdown in CMOS technology
further limits the usage of stacking. As a result, stacking structure is rarely used in
CMOS PAs.

The second way to increase Pout,max is decreasing ROpt. However, since in most
applications PAs need to drive a 50 Ω antenna (i.e. RL = 50 in Fig. 4.1), using a very
small ROpt implies a output matching network with large impedance transformation
ratio IR = RL

ROpt
, which probably limits the bandwidth and introduces non-negligible

insertion loss. Moreover, small ROpt requires large transistor size, causing significant
layout parasitics and degrading the gain and efficiency. As a result, ROpt is usually
kept larger than 20 Ω at mm-wave frequencies [41, 19]. Assuming V dd = 1 V and
ROpt = 20 Ω, the maximal output power Pout,max is only 14 dBm, which mandates
new techniques to improve output power.

1Stacked transistors may experience substrate breakdown or substrate leakage, or both, in
bulk CMOS or BiCMOS processes, but not in silicon-on-isolate (SOI) technology or compound
semiconductor FETs on semi-insulating substrates [64].
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4.2 On-Chip Passive Power Combiner and Split-

ter

In addition to the aforementioned two methods, there is another commonly used
technique to increase output power, which is called power combining. The basic
idea is to combine together the output power of multiple PA cells. Ideally, a PA
with M cells can achieve M times larger power than a single cell, given as

Pout, cob = M
V dd2

2Ropt

(4.3)

Power combing can be realized both on-chip and in free-space [65, 66, 67]. On-chip
combining can achieve good power efficiency and small area when the number of PA
cells is small, while free-space combining can maintain good combining efficiency
even with considerable number of cells at the expense of increased complexity and
cost of the system [68]. Note that the two methods can be used simultaneously to
maximize the output power. Since this design requires moderate output power, this
section only focuses on on-chip combining.

Fig. 4.3 shows a general block diagram of a M -path on-chip power combining PA,
where the input power is split into M parts to drive the PA cells, and then M output
power from all the cells are combined into one final output power.

Figure 4.3: General block diagram of a power combining PA

On-chip power combiners have active and passive modes. Active designs provide
gain and better isolation, but poor power efficiency due to extra power consumption,
and so are not preferred for PAs [69]. As a result, most power combiners are made
up of passive components. Dependent on the interaction among different PA cells,
passive power combiners can be categorized as isolated combiners and non-isolated
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combiners. The former combiners isolate different cells, while in the latter combiners,
different cells can interact with each other.

A passive power combiner is reciprocal and can be used as a power splitter by
swapping the input and output [70]. In this section, the term ”combiners” is used
for brevity in the text, however, the analysis and design techniques apply to power
splitters as well.

4.2.1 Isolated Power Combiners

Isolated power combiners are widely used on printed circuit boards (PCBs). The
most popular examples are 3 dB couplers, including Wilkinson power combiner and
quadrature coupler [71, 72]. The schematics of two 3 dB couplers are shown in
Fig. 4.4. Wilkinson power combiner composes two quarter wavelength transmission
lines with characteristic impedance of

√
2Z0 between input and output ports, and a

resistor 2Z0 between two input ports, where Z0 is the load impedance of three ports.
Quadrature coupler has two inputs with 900 phase shift, one output port summing
the two inputs, and one isolated port which has zero gain from input.

The design of 3 dB combining networks are straightforward since the couplers sum
the output power of two PA cells and increase the overall output power by 3 dB.
Moreover, the configuration provides a high degree of isolation between the two
input ports and achieves excellent return loss, which is useful for system integrations.
However, a 3 dB coupler is designed based on quarter wavelength transmission lines,
so limited bandwidth and large area are expected especially when the number of
combining transistors increases [73]. As a result, they are suitable for design on
PCBs, but not preferred on chip, where area is of great concern.

4.2.2 Non-Isolated Power Combiners

Most modern mm-wave PAs use non-isolated combiners due to their compact di-
mensions and low insertion losses. The non-isolated combiners can be classified as
transmission line based combiners [73, 74], transformer based combiners [52, 41], and
hybrid combiners which employ both transmission lines and transformers [19, 75].
Fig. 4.5 shows a simplified diagram of two kinds of combiner.

Transmission line based combiners are usually used to sum the output current of
multiple PA cells, as shown in Fig. 4.5(a), where the transmission lines are designed
much shorter than quarter wavelength to enable a compact and low loss layout.
Since the parallel current summing increases the load impedance of each PA cell by
a factor of the number of PA cells, i.e. P in Fig. 4.5(a), each PA cell requires a
size which is P times smaller. As a result, the layout parasitics and losses of active
transistors will decrease and the gain will increase. However, due to the increased
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Figure 4.4: Schematic of Wilkinson combiner and quadrature coupler

load impedance, the output power of each cell diminishes and the overall output
power remains the same as the one-path PA shown in Fig. 4.1, as follows

PoutTL = P
V dd2

2PRopt

=
V dd2

2Ropt

(4.4)

Although the transmission line can perform impedance transformation and reduce
the increased load for each cell, in practice, transmission line based combiners usually
cannot obtain large output power [76, 64].

On the other hand, transformer based combiners can overcome this limit and achieve
high output power [52]. Dependent on the combining topologies, transformer based
combiners can be categorized into parallel combining transformers (PCTs), series
combining transformers (SCTs), and series-parallel combining transformers (SPCTs)
[77]. PCTs have parallel topology, which is similar to transmission line based com-
biners. As a result, PCTs allow to use small PA cells but cannot obtain large output
power. In contrast, SCTs with N cells decrease the load impedance of each cell by
N times and can enlarge the overall output power by N2 times. SPCTs exploit
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Figure 4.5: Schematic of transmission line based combiner and transformer based
combiner
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both parallel and serial combining techniques, and therefore are able to increase the
overall output power while using small and high gain PA cells. Fig. 4.5(b) shows a
SCPT with M ∗N PA cells, where N PA cells are parallel combined as a unit, and
M units are serial combined together to form a M ∗N array of PA. Because of the
series-parallel configuration, the overall output power can be calculated as

PoutSPCT = MN
V dd2

2 N
M
RL

= M2V dd
2

2RL

. (4.5)

Note that the output power of a M ∗N SCPT PA does not depend on the parallel
coefficient N , which conforms to the conclusion that parallel combining does not
change the overall output power. However, thanks to parallel combining, the load
seen by each PA cell can be kept at a reasonable large value to maintain good active
gain, given as:

RL,SPCT =
N

M
RL. (4.6)

Despite the aforementioned advantages, SPCTs have some limitations in practice.
One limitation is the undesired coupling between adjacent inductors, which may
induce substantial amplitude and phase imbalance on the output of different PA
cells, resulting in degraded combining efficiency [64]. Furthermore, SPCTs usually
require complex layout, which will introduce large parasitics and passive losses.
This problem is especially severe for mm-wave PAs, where the Q factors of passive
components are limited. As a result, M and N are rarely larger than 2 [19, 75]. It is
worth noting that all aforementioned combining methods can ensure the reliability
of PA, because each cell operates under a safe voltage.

4.2.3 Stability Issue of Traditional Non-Isolated Power Com-
biners and Power Splitter

Due to the compact dimension and low losses, the non-isolated combiners are widely
used in integrated PAs. However, undesired interactions between different PA cells
may change the behavior of each cell, degrading the overall performance and even
causing oscillation. Fig. 4.6 shows a simplified diagram of a one-path PA and a
traditional two-path power combining PA [41]. Note that in Fig. 4.6(b) two serial
transformers are merged into a 2-input 1-output transformer for compact layout,
where Out1p and Out1n are the outputs of PA1, Out2p and Out2n the output of
PA2, respectively.

Assuming an ideal 1:1 transformer, the one-path PA sees a load of RL. For the
two-path PA, due to serial voltage summing, ideally each PA cell should see a load
of RL

2
. This is the case when Out1p and Out2p are equal in amplitude and phase,

while out of phase with Out1n and Out2n. However, undesired interactions may
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Figure 4.6: Simplified diagram of a one-path PA and a traditional two-path power
combining PA

change the amplitudes and phases of the outputs of two PA cells. For example,
the outputs of PA1 - Out1p and Out1n - may have the same amplitude and phase,
i.e. common-mode (CM) signals, while the two outputs of PA2 may have the same
amplitude but an opposite phase with the outputs of PA1, i.e. differential-mode
(DM) signal. In this CM DM condition, magnetic flux of the left half and right
half of the primary winding in Fig. 4.6(b) have opposite directions and thus cancel
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each other. As a result, the output of the secondary winding is zero. Furthermore,
each PA cell sees an infinite load impedance2, which leads to an infinite feedforward
gain. In addition, the capacitive neutralization technique, which is widely used to
minimize the feedback from output to input for differential signals and ensure DM
stability, increases the feedback for CM signals, as shown in Fig. 4.7.

(a) Neutralization cancels the feedback for DM signals

(b) Neutralization increases the feedback for CM signals

Figure 4.7: The effects of neutralization on feedback

To sum up, in CM DM condition, the feedforward gain is infinite and the feedback
gain is also high. As a result, the possibility of oscillation is high. Therefore, special
techniques are required to ensure CM DM stability.

To suppress CM oscillation of a one-path PA, big resistors can be conveniently added
in the bias path, as shown in Fig. 4.8(a). This technique can decrease the gain of CM
signal with no penalty on DM signal [39]. Due to the simplicity and effectiveness,
this technique is widely used in both one-path and multi-path PAs [78, 79, 50, 41].

2Here we neglect the parasitic resistance of the transformer and the finite output resistance of
active devices.
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Figure 4.8: Simplified input matching network of a one-path PA and a traditional
two-path PA
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However, in multiple-path PAs, adding big resistors on the bias path may not sup-
press the oscillation due to the interaction between different paths. As illustrated
in Fig. 4.8(b), when CM DM oscillation happens, the two inputs of PA1 - In1p and
In1n - have the same amplitude and phase, while the other PA2 has two inputs
which are of opposite phase with In1p and In1n. As a result, the two center taps of
the secondary winding, i.e. ct1 and ct2 in Fig. 4.8(b), are virtual grounds. Therefore,
the big resistors RBig are bypassed and thus the oscillation cannot be killed in this
configuration.

4.2.4 Proposed Power Splitter

To suppress the common-mode differential-mode oscillation and ensure stability, a
novel power splitter is proposed to minimize the interaction between different paths,
which is shown in Fig. 4.9.

Figure 4.9: Simplified schematic of proposed power splitter
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In the proposed power splitter, the inputs of PA1 and PA2 are isolated with a
big resistor RBig. As a result, the oscillation path is adequately de-Qued and the
CMDMO can be quenched. Compared with the traditional splitter in Fig. 4.8(b),
proposed topology increases a bit the length of the secondary winding, and causes
larger ohmic loss and less gain. Simulation shows that proposed splitter has 0.6
dB less gain than tradition configuration. However, this gain penalty is far less
important than the benefit of stability.

The power combiner used in this design is the traditional combiner, which is shown
in Fig. 4.6(b). Although this topology itself leads to oscillation, when used with
proposed power splitter, the whole system is stable. This is because the oscillating
loop is made up of both power combiner and splitter, so the big resistor in the splitter
can suppress potential common-mode differential-mode oscillation. Furthermore,
the traditional power combiner has a compact dimension and low losses, which is
critical to achieve large output power and high efficiency.

4.3 Circuit Design

Using the proposed power splitter and the wideband design methodology introduced
in the previous chapter, a stable wideband PA is designed in ST 65 nm CMOS LP.
The three-stage two-path serial combining architecture in Fig. 4.10 is adopted to
achieve high gain and large output power. Note that the power splitter can be also
inserted between driving stage and output stage [41]. However, since the power
splitter is more lossy than normal interstage matching network, placing it in a less
critical position, i.e. far from output stage, allows to achieve a higher efficiency.
Locating the splitter preceding the input stage can minimize the losses, but will
pose difficulties for input matching and increase the mismatches between two paths.
Therefore, the splitter is inserted between input stage and driving stage to obtain a
good trade-off among different factors.

Figure 4.10: Block diagram of three-stage two-path power combining PA
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4.3.1 Active Stages

The three-stage PA has one input amplifier, two driving amplifiers and two output
amplifiers. As depicted in Fig. 4.11, all active stages use differential common source
topology with capacitive neutralization to increase the power gain and stability. The
neutralizing capacitors are implemented by drain-source connected MOS transistors,
and the size of neutralizing transistor MNeu is chosen as half the size of amplifying
transistor MAmp to minimize the feedback and ensure stability. Note that the in-
ductive degeneration, which was used in the previous chapter to lower the quality
factor of the input impedance and enable wideband input matching, is not adopted
in this design, because the input impedance quality factor of the design is around
9, which is adequately low to obtain an acceptable input matching over the 60 GHz
band.

Figure 4.11: Schematic of an active stage

The sizes of the input stage, driving stage and output stage are set with a ratio of
1: 2x1: 2x2 to ensure preceding stages have enough power to saturate succeeding
stages under the worst case 3. Furthermore, the input stage has a large bias - 600
mV - to enhance the power gain, while the output stage has a smaller bias - 500 mV
- to minimize the power consumption and increase the power efficiency.

3The ”2x” means two paths, i.e. two driving amplifiers and two output amplifiers.
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Figure 4.12: Schematic of matching networks
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4.3.2 Matching Networks

The matching networks are designed following the methodology proposed in previous
chapter. The design procedure is omitted for the concision of the thesis. The final
matching networks are shown in Fig. 4.12.

As illustrated in Fig. 4.12(a), the power combiner is naturally integrated into the
matching network to enable a compact layout. Out1, Out2 and Out are the outputs
of two paths and the overall output of the PA, respectively. Furthermore, COut and
CL denote the output capacitance of output stage and the PAD capacitance, while
LS1 and LS2 include the parasitic inductance between the transformer and GSG
pads.

Fig. 4.12(b) shows the matching network between driving stage and output stage,
which is exactly the same as the interstage matching network in the previous chapter.
The ROut,in and COut,in represent the input impedance of output stage, and RDr,out

and CDr,out the output impedance of driving stage.

Fig. 4.12(c) demonstrates the matching network between input stage and driving
stage, which absorbs the power splitter. The In represents the output of input
stage, In1 and In2 the inputs of two driving stages, and RDr,in and CDr,in the input
impedance of driving stage. It is worth noting that, although the two driving stages
are parallel distributed along the centerline of the chip. Due to the serial feature
of the power splitter, the two driving stages are considered to be serial connected
by the input stage, and therefore the overall load impedance seen by the input
stage is (2RDr,in)//

CDr,in

2
rather than

RDr,in

2
//(2CDr,in). As a result, the network in

Fig. 4.12(c) can be simplified as Fig. 4.13. Compared to Fig. 4.12(b), where the
preceding stage also drives a succeeding stage of twice the size, the ratio between
load and source impedance IR in Fig. 4.13 is 4 times larger. Therefore, an impedance
transformation with a factor of 4 is required to obtain the network in Fig. 4.13. In
this design, both Norton transform and inserting transformer are exploited to obtain
the required impedance transformation. The Norton transform can also eliminate
the inductor Lp in Fig. 4.12(b) to enable a simpler topology, while a transformer is
inserted to further increase the transformation ratio to 4.

Figure 4.13: Equivalent schematic of the matching network between input stage and
driving stage
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To achieve an overall flat response, the input matching network is designed to com-
pensate the ripples due to other matching networks, which unsurprisingly poses
difficulties on input matching. To overcome this problem, a 3-order bandpass filter
is used because it has one more peaking frequency than coupled resonator, thus
allows to achieve a better matching. The final input matching network is depicted
in Fig. 4.12(d).

4.4 Implementation and Measurements

4.4.1 Layout Considerations

The layout is of extreme importance at mm-wave frequency. Parasitic ohmic losses
need to be minimized for large gain and high efficiency. Undesired electrical and
magnetic coupling should be suppressed to avoid changing the behavior of matching
networks. Moreover, the outputs of all PA cells in a combining topology need to have
the same amplitude and phase to maximal output power and combining efficiency.
However, due to the compact layout and high operating frequency, the coupling can
not be disregarded at mm-wave frequency [80]. A good way to minimize the effect of
coupling is to make the layout symmetrical to a centerline. So the electromagnetic
(EM) fields on the two sides of the centerline have opposite phase and their coupling
to other blocks is minimized.

Symmetrical layout can be easily implemented in a one-path PA, where the differ-
ential signals are distributed symmetrically on the two sides of a centerline [39, 55].
Two-path PA can also have a symmetrical layout, where two paths can obtain a
good match in both amplitude and phase. However, within each path, it is difficult,
or maybe impossible, to achieve a perfect match between two differential signals
[41, 81]. This is because the paths of the differential signal have different distances
from the centerline. To circumvent this problem, a crossed topology is adopted
to minimize the imbalance between the two differential signals. Fig. 4.14 shows the
simplified layout from input stage to power combiner, where the red, blue and yellow
traces are different layers of metal, and the gray boxes MOS transistors.

As illustrated in Fig. 4.14, the traces from the power splitter to the input of driving
stages are cross connected to make sure their lengths and parasitic inductances
almost the same so as to minimize the imbalance between the differential signals.
It is the same for the connections from the driving stages to power combiner. Note
that the potential coupling between the power splitter and combiner may be used to
improve the gain [19], but it increases the feedback from output to input and may
cause instability issue. In this design, a thick metal bar, which is used to provide
supply voltage for the output stages, is inserted between the splitter and combiner
to diminish the coupling and ensure the stability.

77



4.4. IMPLEMENTATION AND MEASUREMENTS

Figure 4.14: Simplified layout from input stage to power combiner

Figure 4.15: Chip photo of power combining PA
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The chip photo is shown in Fig. 4.15. It occupies an area of 590x970 µm2. The chip
is pad limited, and the core area is 450x250 µ2.

4.4.2 Measurement Results

The measured S-parameters are shown in Fig. 4.16. The peak gain is 30 dB at 65
GHz with a 3 dB bandwidth from 58.5 GHz to 73.5 GHz. The S11 is about −5 dB
within band, which is not an issue thanks to the high gain, because the required
input power is negligible. The S12 is less than −80 dB over the simulated frequency
range, which ensures the stability of the PA.
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Figure 4.16: Measured S-parameters

The large signal performances at 65 GHz versus input power are shown in Fig. 4.17.
When the input power Pin is small, the gain is around 30 dB. As Pin increases,
PAE increases and reaches its peak 22% around Pin = 2 dBm. Pout also increases
with Pin and starts to saturate when Pin is large. The PSAT is around 20.2 dBm
and the P1dB is about 16 dBm.

The large signal performances versus frequency are shown in Fig. 4.18. The PSAT

and P1dB are about 20 dBm and 16 dBm with maximum 1 dB variation from 57
GHz to 72 GHz. The PAE is larger than 15% from 57 GHz to 73 GHz with a peak
22% at 64 GHz.
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Figure 4.17: Large signal performances vs. input power
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Figure 4.18: Large signal performances vs. frequency
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4.4.3 Comparison

The performance is summarized and compared with state-of-the-art mm-wave CMOS
PAs with power combining in Tab. 4.1. The implemented PA shows the highest gain
with state-of-the-art efficiency, output power and bandwidth.

Table 4.1: Comparison table of mm-wave CMOS PAs with power combining

This Work [50] [81] [82] [19]
Tech. 65 nm 28 nm 40 nm 40 nm 40 nm

Vdd [V] 1 1 1 1.8 0.9
Freq. [GHz] 65 60 60 60 78
Gain [dB] 30 24 21 22.4 18
BW [GHz] 15 11 6 - 15
PSAT [dBm] 20 16.5 17.4 16.4 20.9
P−1dB [dBm] 16 11.7 14 13.9 17.8

PAE [%] 22 13 28.5 23 22.3

4.5 Conclusions

This chapter discusses several techniques to improve output power of PAs. Trans-
former based power splitters and combiners are capable of offering impedance trans-
formation with low insertion loss over a wide bandwidth, and thus are well suitable
for mm-wave multi-path PAs. However, due to the interaction between different
paths, PAs with traditional power splitters and combiners may have common-mode
differential-mode oscillation problem. To overcome this problem and ensure stabil-
ity, a novel power splitter is proposed to suppress the potential oscillation. The
prototype demonstrates 30 dB power gain, 20 dBm PSAT , 22% peak PAE, and a
bandwidth from 58.5 GHz to 73.5 GHz.
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Chapter 5

Transceiver Building Blocks

Chapter 2 proposes a wideband OOK transceiver targeting 10 Gbps data rate over
10 cm distance. Chapter 3 elaborates the design of a 50 GHz wideband PA. In this
chapter, all building blocks of the proposed transceiver are discussed in detail. A
prototype is fabricated in ST 28 nm CMOS LP. It demonstrates the capability to
achieve error-free transmission up to 5 Gpbs (limited by measurement instruments)
over 13 cm, while consuming only 130 mW.

This chapter is organized as follows. Sec. 5.1 discusses the design of the transmitter,
including a 50 GHz VCO, a modulating PA and a off-chip planar monopole antenna.
Sec. 5.2 describes the detailed architecture and building blocks of the receiver. A
novel envelope detector is proposed to achieve high conversion gain and low noise
figure over large frequency range. Sec. 5.3 summarizes the measurement results and
comparison with the state-of-the-art links.

5.1 Transmitter

As discussed in Chapter 2, combining the OOK modulator and power amplifier
can minimize the system complexity and power consumption. The detailed block
diagram of the realized transmitter is shown in Fig. 5.1. It mainly contains three
parts: a 50 GHz VCO, a modulating PA and a off-chip antenna. The PA consists of
a driving stage (DR), a modulating output stage (OP) and a inverter-based buffer
for 10 Gbps input binary signal. The modules in the dotted box, i.e. the VCO and
PA, are implemented on chip, and the output of the PA is connected to the off-chip
antenna through bonding wires.
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Figure 5.1: Block diagram of the OOK transmitter

5.1.1 Voltage Controlled Oscillator

Since a non-coherent OOK transceiver is immune to the frequency shift of carrier
signal, the phase noise of the VCO is not important. Therefore, this VCO is targeted
on low power consumption to enhance link efficiency, and large tuning range to
cover PVT variations. In this scenario, a fundamental oscillator is preferable to the
combination of a subharmonic oscillator and a multiplier due to its lower complexity
and lower power consumption.

The push-pull topology (employing both NMOS and PMOS cross-coupled pairs)
is chosen due to several advantages over a single differential pair oscillator. First,
it provides twice the output voltage swing for the same current consumption and
resonator, provided the oscillator works in the current-limited regime. This feature
allows to minimize the power consumption of the VCO. Furthermore, the DC voltage
at the drain and source of the MOS varactor can be set to half of the supply voltage,
and thus the whole tuning range of the varactor can be used, resulting in a larger
VCO tuning range. In addition, the loop gain of a push-pull oscillator is almost
twice larger due to the contribution of both NMOS and PMOS transconductance.
Finally, the tank voltage is always within the supply rail, and therefore avoiding
reliability issues [83].

In order to minimize the power consumption of the VCO, the class-C configuration
is adopted due to its superior dc-to-RF conversion efficiency. The schematic of
the proposed VCO is shown in Fig. 5.2. Compared to the traditional push-pull
class-C VCO [83], this architecture eliminates the tail current source, and therefore
is capable to achieve a larger output voltage swing. To control the bias current,
the bias voltage V bias is programmed by a 8-bit R-2R ladder DAC. This tunable
V bias can be set high at first to ensure start-up, and set low to minimize the power
consumption.

The VCO employs one switching capacitor bank and one varactor to achieve wide
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Figure 5.2: Schematic of the proposed VCO [84]

tuning range. The capacitor bank has four identical branches. Each branch consists
of one MOS switch and two MOM capacitors. Comparing to placing only one
capacitor in each branch, putting two allows to halve the effect of the parasitic on-
state resistance of the switch. Therefore, this configuration is capable to achieve
a higher tank quality factor and a larger output swing. An accumulation MOS
varactor is used to finely tune the oscillating frequency 1. The circuit parameters
and simulation results of the VCO are summarized in Tab. 5.1.

Table 5.1: Summary of the VCO

All Transistor Size 25um/28nm
Switching Capacitors 4*26/2 fF a

Varactor Range 22 fF
Coupled Capacitors Cc 100 fF

Oscillating Frequency 47.4-52.7 GHz
Power Consumption 4 mW

aMultiplying by 4 is because of 4 branches, dividing by 2 because 2 capacitors in serial.

1Although fine frequency tuning is not mandatory for a non-coherent OOK transceiver, the
varactor is employed here to extent frequency tuning range.
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5.1.2 Power Amplifier

The PA employed in this transmitter is based on the one described in Chapter 3.
Both of them are made of a driving stage and a output stage, while all stages use
capacitive neutralization to enhance the stability and gain. However, the two PAs
have some significant differences.

One of the major difference is that the output stage of the PA in the transmitter
needs to be switchable to realize OOK modulation. To meet this requirement, a
switch is inserted into the output stage. The schematic is shown in Fig. 5.3, where
M1,2 are the input transistors, M3,4 the drain-source shorted transistors serving as
neutralizing capacitors, and M5 the switching transistor to implement OOK modu-
lation. Bitstream is the transmitted binary signal, driving the switching transistor
M5 via 4-stage tapered inverters.

Figure 5.3: The output stage and the inverter-based driver

When the modulating signal V mod is high, M5 is on and the large parasitic capac-
itance creates a virtual ground at the common source of M1 and M2. As a result,
the output stage works as a normal neutralized common source amplifier. When
V mod becomes low, M5 becomes off, and the differential output decays to zero with
a speed inversely proportional to the quality factor of the output matching network
[85]. Since the output impedance of the transistor has a quality factor of 2, the
output voltage is capable to decrease to zero rapidly, which is critical to obtain a
large ratio between on and off power. M3,4 have a size half of M1,2 to minimize the
feedback from output to input and therefore maximize the stability.
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A significant advantage of the modulating output stage is that it does not consume
any power when transmitting ’0’, i.e. when V mod is low. This feature allows to
minimize the power consumption of the PA. However, the tail transistor M5 impairs
the maximal achievable output power due to the voltage drop on it. To circumvent
this problem, M5 needs to have large size. On the other hand, large M5 requires
large inverter-based buffer, which consumes considerable power at 10 Gbps. After
several iterations, M5 is sized twice as M1,2 and the voltage drop on it is only 50 mV .
Note that the inverter chain scales with a ratio of 2, and its power consumption is
approximately one fifth of the output stage at 10 Gbps.

Switching the output stage can significantly improve the power efficiency. However,
switching also the driving stage brings more troubles than benefits. First, as illus-
trated in Fig. 5.4(a), keeping the DR always on makes both input and output signal
of the DR narrow band, and thus allows the usage of narrow band matching networks
(NB MNs). However, switching the DR makes the output of the DR occupy a wide
frequency band, and therefore requires a wideband matching network (WB MN).
Since a WB MN is usually more complex and introduces higher losses than a NB
MN, the topology in Fig. 5.4(b) leads to a larger chip area and requires a larger DR
to compensate the higher losses 2, which may cancel out the benefit of switching off
DR. Furthermore, modulating both DR and OP slows down the switching-on speed
and degrades the on/off power ratio of the transmitter. Therefore, the architecture
in Fig. 5.4(a) adopted in this design.

The schematic of the DR and its matching networks are shown in Fig. 5.5. It is
a capacitively neutralized common-source amplifier. Compared to the input stage
of the PA in Chapter 3, since the input of the DR does not need to match to
50Ω over a large frequency range, the degenerating inductors are eliminated, which
results in a larger gain. Furthermore, since both the input and output signals of the
DR are narrow band, the input is directly connected to the VCO through two big
capacitors 3, and the output are coupled to the OP through a transformers. These
simple matching networks have very low losses and thus allow to use a smaller DR
stage while achieving the same gain and output power as the wideband input stage
in Chapter 3. Furthermore, since the transmitter employs OOK modulation, the
DR can work in saturation region. Therefore, a small DR, which is only one tenth
of the OP, is used to provide enough power to drive the OP.

The design of the output matching network is similar to the one described in Chap-
ter 3. However, as will be discussed in the following section, here the load of the
PA, i.e. the antenna impedance, is 110 Ω rather than 50 Ω. This difference can be
easily accommodated by adjusting the coupling coefficient of the transformer, which
connects the output stage and the pads. The circuit parameters and the simulation
results of the PA are summarized in Tab. 5.2.

2At the same time, Fig. 5.4(b) requires a larger VCO to drive the larger DR, and a larger
inverter-based buffer to drive two modulating transistors.

3The input bias of the DR is provided by two big resistors, which are omitted in Fig. 5.5.
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Figure 5.4: Two kinds of switching PA

Figure 5.5: The driving stage and its input and output matching networks
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Table 5.2: Summary of the PA

DR Input Transistor Size 20um/28nm
OP Input Transistor Size 200um/28nm

OP Modulating Transistor Size 400um/28nm
Tapered Inverter Transistor Size a 25um, 50um, 100um, 200um b

Continuous Wave Output Power 14.1 dBm
Continuous Wave Power Gain 16 dB
Continuous Wave Peak PAE 24 %

On-State Output Power @ 10 Gbps 12.1 dBm
On/Off Output Power Ratio 39 dB

DR Power Consumption 15 mW
OP Power Consumption 60/2 mW c

Inverter Power Consumption @ 10 Gbps 7 mW

aNMOS and PMOS have the same size.
bAll transistors have the minimal channel length, i.e. 28 nm.
cDividing by 2 is because the OP is off for half time.

5.1.3 Antenna

The output of the PA is connected to an off-chip antenna through bonding wires.
In order to maximize the power transfer and minimize the reflection over 20 GHz
bandwidth, the bonding wires need to be conjugately matched to the antenna. The
traditional bonding connection is shown in Fig. 5.6(a), which uses three bonding
wires for GSG pads respectively. The characteristic impedance of the bonding wires,
i.e. the PA load impedance, is about 180 Ω, and so the output power of the PA is
limited. To circumvent this problem, this design employs GSSG pads and four bond-
ing wires to reduce the characteristic impedance to 110 Ω, as shown in Fig. 5.6(b).
Furthermore, the space between the pads on the chip is close to the space of the
on-board coplanar waveguide with the same characteristic impedance. Therefore,
the bonding wires can be placed straight and paralleled with each other 4.

The antenna has a planar monopole topology, which has the advantages of intrinsic
wideband operation and ease of fabrication. It is optimized together with the four
bonding wires. The whole structure shown in Fig. 5.7 is simulated in commercial
electromagnetic simulator Ansoft HFSS, based on the finite element method (FEM).
The geometrical dimensions of the antenna are chosen for optimal performance in
the frequency band 40-60 GHz.

The return loss of the structure is shown in Fig. 5.8. As can be seen that, the input
matching is better than -10 dB over 40-70 GHz band.

4Unparalleled bonding wires do not have an unique characteristic impedance across wide fre-
quency band, and therefore difficult to obtain wideband matching.
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Figure 5.6: GSG connection and GSSG connection

Figure 5.7: The planar monopole antenna and the bonding wires

The radiation pattern at 50 GHz is shown in Fig. 5.9. In the plane of φ = 0◦, the
gain is quite uniform in all directions, however, the gain is only -5 dBi. In the plane
of φ = 90◦, the gain has a peak value of 2.5 dBi, but with significant variation for
different directions. Note that the low gain of the antenna limits the communication
distance of the link, and the directional gain cause difficulties in measurement setup.

The antenna is realized on Rogers RT/Duroid 5880. Its performance is summarized
in Tab. 5.3.
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Figure 5.8: The input matching of the antenna and the bonding wires

Figure 5.9: The radiation pattern of the antenna at 50 GHz

(Red curve: φ = 0◦; purple curve: φ = 90◦)

Table 5.3: Summary of the antenna

Input Impedance 110 Ω
Operation Band 40-70 GHz

Peak Gain 2.5 dBi
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5.2 Receiver

The block diagram of the realized receiver is shown in Fig. 5.10. The RF signal
from the antenna is first amplified by a wideband LNA, and then the LNA output
is demodulated by a squarer based envelope detector. A dummy squarer is used to
provide a voltage reference. The difference between the outputs of the two squarers is
amplified by a 5-stage limiting amplifier and an output buffer to obtain large output
swing. A negative feedback loop is employed in the LA to cancel the offset of the two
squarers and LA. Since the feedback path has low-pass feature, it only suppresses
the low frequency components and has little effect on high frequent components.
In other words, the low-pass pole in the feedback path sets a low boundary on the
signal frequency 5.

Figure 5.10: Block diagram of the OOK receiver

5.2.1 Low Noise Amplifier

The LNA is the most important building block of this receiver. As discussed in
Chapter 2, its gain, noise figure and bandwidth determine the receiver performance.
Since the intrinsic gain of CMOS devices are limited at operating frequency close
to their cut-off frequency, many stages are required to obtain high gain. However,
cascading multi stages not only increases power consumption, but also reduces the
overall bandwidth. Therefore, explicit techniques are required to achieve high gain
over large bandwidth with low power consumption.

In order to achieve enough gain, a 7-stage cascaded common source LNA is employed
to compensate the low transistor gain and high losses of passive matching networks.
The first six stages are divided into three pairs, and the two amplifiers in each
pair are stacked together to share DC current and reduce power consumption [86].
The current-reuse topology looks like cascode amplifier, but they are intrinsically

5Note that the low boundary is larger than the low-pass pole.
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different. The upper transistor in the current-reuse topology operates as a common
source amplifier, and its source is virtual ground and the RF signal feeds its gate. On
the other hand, the upper transistor in the cascode topology operates as a common
gate amplifier, and its gate is virtual ground and the RF signal feeds its source.
Furthermore, the current-reuse topology can provide higher gain and better noise
performance compared to its cascode counterpart [87].

Since we have seven stages, it is really challenging to obtain 20 GHz bandwidth. In
this design, second-order LC matching networks, together with staggered tuning, are
used to achieve the desired bandwidth. The matching network is shown in Fig. 5.11,
where R1 and C1 are the output impedance of preceding stage, R3 and C3 the input
impedance of succeeding stage, and L2 separates C1 and C3 for broadband operation.
This network has two peaking frequencies, which can be exploited to obtain large
bandwidth. Moreover, this topology can be conveniently implemented in layout,
allowing to minimize the insertion loss 6.

Figure 5.11: Interstage matching network of the LNA

Different from other blocks in this transceiver, the LNA employs transmission lines
(TLs) to implement inductors due to their several advantages. First, TLs have better
defined current return path than spiral inductors, which is particularly important
for our single-ended LNA [88]. Second, although a single transmission line generally
occupies larger area than a spiral inductor, TLs can be routed very flexibly and
compactly, and therefore may save area when the number of inductors are large.
Third, TLs are more immune to nearby TLs, while unwanted coupling between
adjacent inductors may change the behavior of each inductor. Fourth, TLs can be
designed much faster thanks to the scalable model, while several iterations of time
consuming EM simulations are required for spiral inductors. To sum up, TLs can
achieve higher modeling accuracy and minimize the discrepancy between simulation
and measurement results. Considering the large amount of inductances required
in this LNA, coplanar waveguides (CPWs) are used to implement the inductors to
increases the possibility of first-pass success.

The schematic of the integrated LNA is shown in Fig. 5.12, where all capacitors are
very big and can be considered shorted at operating frequency, and the gray lines are

6Higher-order networks can be used to achieve a higher GBW, but the complexity and losses
of the layout make them unrealistic.
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CPWs. The LNA consists of three current-reuse stages, one simple common source
stage, and a balun to convert the single-ended output of the LNA to differential
inputs of the following squarer. Note that the last active stage does not adopt
current-reuse technique because it can have large output amplitude, which may drive
transistors into triode region in current-reuse configuration, degrading the gain and
noise performance. The circuit parameters and the simulation results of the LNA
are summarized in Tab. 5.4.

Figure 5.12: Schematic of the current-reuse LNA [89]

Table 5.4: Summary of the LNA

First 3 Stages Transistor Size 40um/28nm
Last Stage Transistor Size 20um/28nm

Voltage Gain 34 dB
Operating Band 37.3-66.4 GHz

In-band Noise Figure 6.4-8.6 dB
In-band S11 < -10 dB

Power Consumption 24 mW

5.2.2 Envelope Detector

To demodulate the received signal, an envelope detector is required after the LNA.
Since the transceiver adopts OOK modulation, the received signal contains only
1 and 0 information, and therefore linearity is not important in this work. As a
result, a squarer is employed as the envelope detector in order to minimize power
consumption. Due to the stringent receiver noise requirement, ED gain and NF
are two critical parameters to maintain high SNR and relax the gain of the LA,
drastically reducing the overall power consumption.
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(a) Follower based ED [90] (b) Amplifier based ED [22] (c) Single-ended ED [91]

Figure 5.13: Three topologies of squarer

Fig. 5.13(a) shows the source-follower based ED, where the push-push connection
of the pair also nulls the 1st order component of the output signal. The main
drawback of this circuit is the limited gain. To increase the gain, [22] proposes a
amplifier based ED shown in Fig. 5.13(b). Assuming the input transistors operate
in saturation region, the output amplitude of the source-follower based ED AoutSF
and the amplifier based one AoutAmp can be calculated as:

AoutSF ≈
1

16

1

Vov
Ain2

AoutAmp ≈
1

8

gmRL

Vov
Ain2

(5.1)

where gm is the MOS transconductance, RL the load resistor, Vov the overdrive
voltage and Ain the input amplitude. Note that the amplifier based ED can have
more than 2 times higher gain, relaxing the requirements on the gain and noise
performance of following stages.

Since the output of the LNA is single-ended, it is tempting to use a single-ended ED
to obviate the lossy balun between the LNA and ED. A common source amplifier
as shown in Fig. 5.13(c) satisfies such requirement. Its output amplitude is:

AoutSE ≈
1

2

gmRL

Vov
Ain2. (5.2)

Compared Eq. (5.2) with Eq. (5.1), the single-ended ED has 4 times higher gain,
which stems from twice the input amplitude. However, the input impedance of
the single-ended ED is also 4 times lower than its differential counterpart, which
may reduce the output amplitude of the LNA, i.e. the input amplitude of the ED.
Therefore, the gain difference would be less than 4 times if the loss of balun is
neglected.

Although the single-ended ED has superior gain among the three topologies, it has
many disadvantages due to the non-zero gain at fundamental frequency. First, the
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supply noise of the single-ended LNA would be amplified by ED to LA, and then
coupled back to LNA. Due to the poor power supply rejection ratio (PSRR) of the
LNA and high gain of LA, this loop may cause oscillation problems. Furthermore,
the output of the single-ended ED has a large interference at carrier frequency.
Although this interference can be filtered out by the limited bandwidth of ED and
following stages, it may desensitize the gain of following stages. Worse more, this
component at carrier frequency would significantly degrade the noise performance.
To elaborate this issue, we can calculate the NF of ED. Fig. 5.14 shows a simplified
noise model of the ED, where sin and ns are the input signal and noise, sout and nout

the output signal and noise, nint the noise contributed by ED and following stages,
a1 and a2 the gain at fundamental frequency and 2rd harmonics. For Fig. 5.13(a,
b) a1 is zero, and a2 is non-zero; while for Fig. 5.13(c), both a1 and a2 are non-zero,
and a1 is much larger than a2.

Figure 5.14: Equivalent noise model of envelope detector

From Fig. 5.14, it is easy to get:

SNRin =
E[s2in]

E[n2
s]

=
Ps,in

Pn,in

SNRout ≈
E[s2out]

E[n2
out]

=
P 2
s,in

4Ps,inPn,in + (a21Pn,in + Pint)/a22

FED =
SNRin

SNRout

≈ 4 +
a21Pn,in + Pint

a22Ps,inPn,in

(5.3)

where Ps,in, Pn,in and Pint are the power of input signal, input noise, and the noises
contributed by ED and following stages.

As shown in Eq. (5.1), to minimize the NF, we need to not only maximize a2, but
also minimize a1. Especially a21Pn,in is much larger than Pint for the single-ended
ED. Simulation shows that the differential ED in Fig. 5.13(b) achieves much better
noise performance than the single-ended one, and therefore is chosen in this design.

Since this transceiver is targeted for data rate up to 10 Gbps, the ED needs to have
enough bandwidth to reduce the effect of inter-symbol interference (ISI) and ensure
wide eye opening. To increase bandwidth, several techniques are employed in this
design. First, a shunt peaking inductor is added between the power supply and
load resistor. Second, a small size cascode transistor is used to reduce the output
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capacitance. Third, the load resistor is implemented with a PMOS, whose gate
voltage can be tuned to vary the equivalent load resistance, thus trading gain with
bandwidth.

The final structure of the ED is shown in Fig. 5.15. Since the output of a squarer is
single-ended, a dummy is added to provide a voltage reference to form a ”differential”
output. Although a low pass filter can be used to get the DC component of the
squarer output and provide a voltage reference, the dummy approach achieves much
better PSRR and occupies much less area at the cost of adding negligible power
consumption. Note that the output of the dummy is always higher or equal to the
output of the squarer. In other words, the two voltages of the differential output
have systematic DC offset, which necessitates the usage of a DC offset canceling
circuit 7. However, this offset canceling circuit is also required by the following LA,
so this systematic offset cannot be treated as a penalty of this ED.

Figure 5.15: Schematic of the ED 8

The circuit parameters and the simulation results of the ED are summarized in
Tab. 5.5.

5.2.3 Limiting Amplifier and Output Buffer

The output of the ED is fed to a chain of baseband amplifiers to achieve large output
swing. Given the receiver sensitive, the gain of LNA and ED, 33 dB gain is required

7This is because the differential output of the ED is directly connected to the input of LA. AC
coupling can be used to avoid this issue at the cost of huge capacitor and large chip area.

8The input transistors can operate in sub-threshold region and the load PMOS operate in triode
region, so stacking three transistors is feasible under 1 V supply.
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Table 5.5: Summary of the ED

Input Transistor Size 40um/28nm
Cascode Transistor Size 16um/28nm

Loading PMOS Size 6um/28nm

Gain a2 2-10 a

Bandwidth 3-15 GHz
Power Consumption 1.5 mW

aThe gain can be tuned by PMOS biasing voltage. The same for the bandwidth.

for the LA to obtain 400 mV output amplitude. Besides the gain, the bandwidth is
also critical for maximizing SNR and minimizing ISI. As discussed in Chapter 2, 7
GHz bandwidth is optimal for 10 Gbps OOK transceivers.

Cascading multi stages generally increases the gain but decreases the bandwidth.
Assuming first order loading network, the total gain bandwidth product GBWTot of
a chain of n identical amplifier cells is [92]:

GBWTot = An
SBWS

√
21/n − 1 = GBWSA

1−1/n
Tot

√
21/n − 1 (5.4)

where AS, BWS and GBWS are the gain, bandwidth and GBW of each stage,
respectively.

As shown in Eq. (5.4), for a certain desired GBWTot, smaller GBWS requires larger n
and thus larger power consumption9. Therefore, it is necessary to maximize GBWS

in order to minimize n and the power consumption.

Due to the relatively high gain, the Miller effect increases a lot the input capacitance
of each stage, severely limiting BWS and GBWS. To circumvent this problem,
Negative Miller capacitor, i.e. the capacitive neutralization used in the PA, has been
adopts for the LA to increase GBWS without any penalty on power consumption.
No inductive peaking is used in order to minimize the chip area. The first four stages
of the LA are set to be identical to simplify the design. The fifth stage, which needs
to drive the large size output buffer, employs a fT -doubler architecture to double
its driving ability while providing the same load impedance for the fourth stage 10.
Both schematics are shown in Fig. 5.16.

To achieve single-ended output amplitude of 400 mV, the output buffer needs to
deliver 8 mA into the 50 Ω of measurement instruments. The large amount of cur-
rent necessaries the usage of large size transistor. In order to minimize the load

9Although larger n does not necessarily lead to larger GBWTot, when n is small, GBWTot

increases as n increases.
10The fT -doubler also doubles the power dissipation, and thus are not used for the first four

stages.
11The bias voltage V b is got by feeding the input Inp and Inn into a low pass filter.
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(a) First four stages of LA (b) Last stage of LA 11

Figure 5.16: Schematics of the LA

capacitance for the previous stage, the buffer also adopts the fT -doubler architec-
ture. Furthermore, the open drain configuration has been selected to avoid current
partition with the load resistance of the buffer, thus minimizing the buffer size for
the given output swing. The drain bias are provided by two off-chip bias tees. The
schematic of the buffer is shown in Fig. 5.17.

Figure 5.17: Schematic of the buffer

In order to cancel the systematic offset of the ED output and the random offset
of the LA due to PVT variations, a DC offset cancellation loop is employed. The
offset is sensed at the input of the buffer rather than the output, since the buffer
is open drain and thus its DC gain is zero. The feedback is closed at the output of
the first LA stage in order not to decrease the load of the ED, which would severely
degrade its gain. The feedback path consists of a RC low pass filter and a differential
amplifier, which is the similar to the one shown in Fig. 5.16(a) but without negative
Miller capacitors. The pole of the low pass filter has been set to 450 kHz, low enough
to avoid significant eye closure due to the drop of longest expected run.
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(a) Chip micrograph of the transmitter

(b) Chip micrograph of the receiver

Figure 5.18: Micrographs of the transceiver
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The circuit parameters and the simulation results of the LA and output buffer are
summarized in Tab. 5.6.

Table 5.6: Summary of the LA and output buffer

LA Input Transistor Size 20um/28nm
LA Tail Transistor Size 100um/100nm

Buffer Input Transistor Size 40um/28nm
Buffer Tail Transistor Size 200um/28nm

Gain 35 dB
Operation Band 23 MHz - 8.9 GHz a

Output Swing 410 mV
Power Consumption 25 mW

aThe low frequency components are removed by the offset canceling loop.

5.3 Measurement

A prototype of the proposed OOK transceiver is fabricated in ST 28 nm bulk CMOS
LP technology. The chip micrographs of both transmitter and receiver are shown
in Fig. 5.18. The transmitter occupies an area of 950x630 µm2. It is pad limited,
and the core area is only 360x150 µm2. The receiver occupies an area of 1450x1050
µm2. The large area is caused by the transmission lines of the LNA.

5.3.1 Measurement Setup

Both the transmitter and the receiver are assembled on custom designed boards,
which contain the planar antennas. The connection of the transmitter with its
board is illustrated in Fig. 5.19.

The measurement of the transceiver is much more complicated than that of PA. The
setup is shown in Fig. 5.20. First, the transmitting pseudorandom binary sequence
(PRBS) is generated from a BER tester (Anritsu MP 1763B pulse generator). The
PRBS signal modulates the PA, and the PA output is sent to free space by an
antenna. The receiver antenna receives the RF signal, which is then amplified and
demodulated by the receiver. The differential output signals of the receiver are sent
to the BER tester and an oscilloscope, respectively. The BER tester calculates the
BER and the oscilloscope shows the eye diagram. All the biasing voltages and the
oscillating frequency of the VCO are programed on PC via Arduino.
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Figure 5.19: Connection between the transmitter and the board

5.3.2 Measurement Results

Fig. 5.21 shows the eye diagrams at the output of the receiver when transmitting 1
Gbps and 3 Gbps respectively. The vertical eye opening is larger than 400 mV in
both cases. The horizontal eye opening is larger than 700 ps for 1 Gbps, and larger
than 200 ps for 3 Gbps, i.e. larger than 60% of data period in both cases.

The result of BER versus transmission distance is shown in Fig. 5.22. It can be seen
that the transceiver can achieve error-free transmission up to 13 cm for data rate of
5 Gbps, which is the up limit of measurement instruments.

5.3.3 Comparisons

The performance is summarized and compared with published mm-wave links in
Tab. 5.7. The implemented transceiver shows the highest combination of data rate
and communication distance employing non-directive antenna while keeping low
power consumption.
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(a) Setup of the measurement

(b) Close-up picture of the transceiver front-end

Figure 5.20: Measurement setup of the OOK transceiver
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(a) Transmitting 1 Gbps over 5 cm

(b) Transmitting 3 Gbps over 2 cm

Figure 5.21: Eye Diagram at the output of the receiver
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Figure 5.22: BER performance of the link
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Table 5.7: Comparison table of mm-wave links

This Work [93] [94] [25] [95]
Tech. 28 nm 40 nm 65 nm 65 nm 90 nm
Mod. OOK ASK 16-QAM QPSK QPSK

GAnt [dBi] 2.5 4 2 0 6.5
Data Rate [Gbps] 5a 11 11 2.6 1.5

Distance [mm] 130 14 50 40 1000
BER 10−12 10−11 10−3 n.d. n.d.

Pdiss [mW] 130 70 230 358 1772

aLimited by measurement instruments.

5.4 Conclusion

Following the system level analysis in chapter 2, this chapter describes the imple-
mentation of a wideband OOK transceiver. A modulating PA is employed to realize
OOK modulation and improve power efficiency. An off-chip planar antenna is used
to send the PA output to free space. On the receiver side, the current-reuse topol-
ogy is adopted for the LNA to minimize power consumption. The amplified signal is
then demodulated by a squarer based envelope detector. Wideband LA and buffer
amplify the demodulated signal, and a feedback path is inserted in the LA chain in
order to cancel the offset. The fabricated prototype achieves error-free transmission
up to 13 cm at 5 Gbps, while consuming only 130 mW.
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Chapter 6

Conclusion

Thanks to the large available bandwidth, mm-wave frequency band offers an op-
portunity to satisfy the increasing demand for wireless data capacity. However, due
to limited transistor gain and low quality factors of passive components, it is chal-
lenging to realize high performance transceivers. This thesis focuses on the power
amplifier, a key block of the transceiver. Several design techniques are proposed
in order to generate high output power in wide mm-wave band. Furthermore, a
wideband OOK transceiver has been implemented to demonstrate the feasibility of
realizing high speed low power links in bulk CMOS technology. The major contri-
butions of this thesis are summarized below.

A design methodology is proposed for wideband and compact matching networks
in PAs. The proposed technique leverages the high GBW feature of inductively
coupled resonator to achieve high gain over wide frequency range. Furthermore,
impedance transformation and topology rearrangement techniques are exploited to
maximize the power transfer and minimize the layout losses. Using the proposed
methodology, a two-stage prototype has been realized in 28 nm CMOS technology
[42]. It shows 27 GHz bandwidth with 13.3 dBm PSAT and 16 % PAE.

Besides obtaining large bandwidth, achieving high output power is also desirable for
enhancing link performance. The limitations of the output power of CMOS PAs are
analyzed, and some approaches to break the limitations are discussed in this thesis.
Particular attention is given to the widely used non-isolated power combining and
splitting techniques. Stability analysis reveals the common-mode differential-mode
oscillation problem in traditional non-isolated splitter. A novel power splitter, which
is capable to isolate the common-mode signals in different PA paths, is proposed to
suppress the oscillation. Using the proposed structure, a three-stage two-path PA
has been implemented in 65 nm CMOS technology. The PA shows no stability issue
and achieves 30 dB power gain, 20 dBm PSAT and 22% peak PAE with a bandwidth
from 58.5 GHz to 73.5 GHz.
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A wideband OOK transceiver has been realized in 28 nm CMOS technology [37].
Various techniques, including modulation PA, current-reuse LNA and squarer based
envelope detector, are employed to simplify the transceiver architecture and mini-
mize the power consumption. Large bandwidth has been exploited to achieve high
data rate with low power consumption. With 2.5 dBi antenna gain, the realized
transceiver achieves error-free transmission up to 5 Gpbs over 13 cm, while consum-
ing only 130 mW.
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